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Summary of the dissertation:

Design and Measurement Techniques for Decision Feedback Equalizers

up to 110 Gb/s in SiGe Technologies

by Ahmed Sanaa Ahmed Awny

Cloud computing, video-on-demand, voice and video-over-IP and other Internet ser-

vices present an ever-increasing demand on high bit rate data connections. Optical

fibers offer a very good solution for this ever-growing demand, due to their large

bandwidth. One of the main factors limiting the utilization of this large bandwidth

is intersymbol interference (ISI) that results from the different types of fiber disper-

sion.

To mitigate ISI, the use of linear equalizers in form of feedforward equalizers

(FFEs) and non-linear equalizers in form of decision feedback equalizers (DFEs) has

proved to be an effective means. Both types of equalizers are employed in fiber com-

munication systems to compensate different kinds of dispersions. DFEs, as opposed

to FFEs, can compensate for the deep nulls (discontinuities) in the channel frequency

response and do not amplify high-frequency noise. Their design, however, is rather

challenging at very high bit rates, due to the timing condition of their feedback loop.

This dissertation presents the design and characterization of 80 and 110 Gb/s

DFEs in 0.13µm SiGe:C BiCMOS technology. A modified architecture is described

and utilized for the implementation of the DFEs to relax the timing condition and

improve the behavior of the feedback loop. Circuit techniques to enhance the band-

width of the DFE building blocks are explained. Furthermore, new measurement

techniques are employed to prove the ability of the DFEs to work at such high bit

rates. The functionality of the 80 Gb/s DFE is demonstrated in an experiment to

mitigate ISI for bandwidth-limited channels. The application of the DFEs developed

in this work is not limited to optical fiber communication systems, but can be also

employed in chip-to-chip and board-to-board communication systems.
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Zusammenfassung der Dissertation:

Design and Measurement Techniques for Decision Feedback Equalizers

up to 110 Gb/s in SiGe Technologies

des Herrn Ahmed Sanaa Ahmed Awny

Cloud-Computing, Video-on-Demand, Voice-/Video-over-IP und andere Internet-

dienste erzeugen einen stetig steigenden Bedarf an hochratigen Datenverbindungen.

Für diesen steigenden Bedarf bietet die Glasfaser durch ihre hohe Bandbreite eine

sehr gute Lösung. Einer der Hauptfaktoren, der die Nutzung der Bandbreite der

Glasfaser einschränkt, ist die Interzeichenüberlagerung (intersymbol-interference,

ISI), welche aus den verschiedenen Typen der Faserdispersion resultiert.

Ein effektives Mittel zur Minderung der ISI ist die Nutzung von Linear-Equalizern

in Form von Vorwärtskopplung-Equalizers (feedforward equalizers, FFEs) sowie von

Nichtlinear-Equalizern in Form von Datenentscheidern mit Rückkopplungsschleife

(decision feedback equalizers, DFEs). Beide Equalizer-Typen werden in Glasfaser-

kommunikationssystemen zur Kompensation unterschiedlicher Dispersions-Typen

eingesetzt. Im Gegensatz zu FFEs können DFEs Diskontinuitäten im Frequenzgang

des Kanals kompensieren und verstärken das hochfrequente Rauschen nicht; bei sehr

hohen Bitraten ist ihr Design jedoch durch die Zeitbedingungen der Rückkopplungs-

schleife sehr anspruchsvoll.

Diese Dissertation präsentiert den Entwurf und die Charakterisierung von DFEs

für 80 und 110 Gb/s in der IHP-Technologie 0.13µm SiGe:C BiCMOS. Eine modifi-

zierte Architektur wurde beschrieben und zur Implementierung der DFE benutzt,

um die Zeitbedingungen sowie das Verhalten der Rückkopplungsschleife zu verbes-

sern. Schaltungs-Techniken zur Erhöhung der Bandbreite der DFE-Bausteine wur-

den erklärt. Darüber hinaus wurden neue Mess-Techniken eingesetzt, um die Fähig-

keit des DFE, bei derart hohen Bitraten zu arbeiten, nachzuweisen. Die Funktiona-

lität des 80 Gb/s DFE wurde in einem Experiment zur Minderung der ISI für band-

breitenbegrenzte Kanäle demonstriert. Die Anwendung der in dieser Arbeit ent-

wickelten DFEs ist nicht auf Glasfaserkommunikationssysteme eingeschränkt, son-

dern kann ebenso in Chip-to-Chip- sowie Board-to-Board-Kommunikationssystemen

eingesetzt werden.
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Chapter 1

Introduction

The recent years have experienced an unprecedented increase in the number of In-

ternet users across the globe. As the statistics in Fig. 1.1 show, the number of Internet

users per 100 inhabitants of the world grew from 1 user in 1995 to more than 40 users

in 20141. This increased number of users together with Internet services such as voice

and television over IP (VoIP and TVoIP), video on demand streaming services and

cloud computing, has resulted in an exponential growth in data traffic, which in turn

is fueling an unquenchable demand for high data transmission speeds.

Figure 1.1: Number of Internet users per 100 inhabitants of the world.

1Source: The World Bank Group and the International Telecommunication Union (ITU).
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Over the years, as shown in Fig. 1.2, the IEEE 802.3 Ethernet standard has been

continuously updated to adapt to the ever-increasing demand for higher bit rates.

Since its emergence in the early 1980s and standardization by IEEE in 1983, the Eth-

ernet technology has presented an attractive solution for local area networks (LANs)

because of its simplicity and low cost of implementation in comparison to other LAN

technologies like token ring and fiber distributed data interface (FDDI). Currently,

the Ethernet has become the dominant technology for LANs in homes and work-

places and becoming also popular for wide area networks (WANs) connecting cities,

countries and even continents [1].

Figure 1.2: Evolution of the bit rate in the IEEE 802.3 Ethernet standard.

Optical fibers are utilized for communication at high bit rates because of their

large bandwidth, low loss, light weight and immunity to electromagnetic interfer-

ence compared to copper cables. Two kinds of optical fibers are employed in com-

munications: multi-mode fibers (MMFs) and single-mode fibers (SMFs). The physi-

cal difference between them is the diameter of the core, which has a higher refractive

index compared to the cladding, as shown in Fig. 1.3. While MMFs have typical core

diameter of 50 or 62.5µm, SMFs have a core diameter of 8-10µm. Both types of fibers

have a typical cladding diameter of 125µm.

The essential difference between the two types of fiber, however, is the number

of modes they support for light propagation. Because of their relatively large core
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Figure 1.3: Single-mode fiber versus multi-mode fiber.

diameter, MMFs support multiple modes of light propagation [2]. On the contrary,

SMFs support only one mode for light propagation, as illustrated in Fig. 1.3.

1.1 Transmission Impairments in Optical Fibers

Unfortunately, the information transmission capacity of optical fiber is rather limited

due to different kinds of dispersions. MMFs suffer from modal dispersion, which oc-

curs because the different modes of light propagation travel with different velocities

inside the core. The effect of modal dispersion is that pulses with short duration

tend to broaden in time as they travel along the fiber. This effect leads to intersymbol

interference (ISI) and limits the bandwidth of the fiber. On the contrary, SMFs do

not suffer from modal dispersion and consequently have significantly higher band-

width compared to MMFs, or alternatively, for the same bit rate, SMF links can be

substantially longer than MMF. They suffer, however, from two other types of disper-

sion known as chromatic dispersion (CD) and polarization mode dispersion (PMD).

Chromatic dispersion happens because the refractive index of the core material is

not constant for all wavelengths. Since laser light does not have a single wavelength
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but a finite spectral width in frequency domain, CD also leads to pulse broadening

and consequently ISI. PMD is a special case of modal dispersion in which the two

orthogonal polarizations of the light travel with different velocities in the fiber core,

leading also to ISI. Many factors contribute to PMD. Among them are deviation of

the fiber cross section from the circular geometry and different mechanical and ther-

mal stresses along the fiber [3]. In addition to the different kinds of dispersion, the

bandwidth limitation of the transmitter and receivers themselves result also in ISI.

Figure 1.4: Short-reach optical fiber communication links connecting data centers.

Despite their limited bandwidth compared to SMF, MMF are extensively em-

ployed in short-reach communication systems. Examples are, as illustrated in Fig. 1.4,

to interconnect data center infrastructures or collocated communication equipment

racks. Another example is the interconnection of ’data farms’, which comprises

mainframe computers. The typical range of such short-reach optical fiber links is

100-300 m. MMFs offer a good solution for these applications, because their large

core diameter - compared to SMFs - allows the coupling of light from low-cost light

sources, such as vertical-cavity surface-emitting lasers (VCSELs) and light-emitting

diodes (LEDs) with less stringent coupling and alignment tolerances. The large core
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diameter also facilitates the utilization of cost-effective tolerance-relaxed connectors

[4] [5].

For most of the above short-reach optical fiber links, intensity modulation in form

of on-off keying (OOK) and direct detection are used as modulation scheme and de-

tection method [6], respectively. This is largely because of their cost-effectiveness

and simplicity [7] [8] compared to rather complex - but more spectral efficient -

modulation techniques like quadrature-phase shift keying (QPSK) and quadrature-

amplitude modulation (QAM), which require coherent detection [9] and are em-

ployed in long-haul optical fiber links with SMFs.

In March 2014, the Ethernet study group [10] has finished its study of the next

Ethernet standard supporting a bit rate of 400 Gb/s and handed over the results of

the study to the Ethernet task force [11]. Currently the Ethernet task force is working

on this new standard and intends to publish it in March 2017 [11]. The new Ethernet

standard will support at least 100 m MMF links. Four 100 Gb/s channels are expected

to run in parallel to achieve this 400 Gb/s bit rate. Here, ISI resulting from modal

dispersion in MMF presents a challenge to reach this high bit rate per channel.

1.2 Feedforward versus Feedback Equalization

Solutions to mitigate ISI should be [12]

1. cost-effective.

2. adaptive, since the environment conditions such as temperature and mechani-

cal stresses affect dispersion. Adaptivity is also necessary because of the differ-

ent fiber length for different links.

3. compact in size and integrable with the already existing and running optical

fiber links.

Although optical and electronic solutions are available to mitigate ISI. The advan-

tages of electronic solutions surpass their optical counterparts in the aforementioned
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three points. Electronic solutions include analog and DSP-based equalizers. In DSP-

based equalizers, the optical received signal is converted to electrical signal and then

sampled and quantized using analog to digital converters (ADCs). The equalizers are

then implemented on DSP-level. Although this method is very effective in mitigat-

ing ISI [6] [13], because of the easiness to implement different kind of equalizers and

adaption techniques on a DSP-level, they require the use of very high-speed ADSs

[14] [15] and are predominantly utilized in long-haul optical fiber links. Short-reach

applications, however, mostly employ less expensive and less complex electronic so-

lutions such as analog equalizers.

Analog equalizers fall into two categories: linear and non-linear equalizers. Lin-

ear equalizers include finite impulse response (FIR) filters, which are also called feed-

forward equalizers (FFEs), and infinite impulse response (IIR) filters [16] [17]. On the

contrary to IIR filters, which may become sometimes unstable and suffer from non-

linear phase response characteristics [18], FIR filters are rather versatile [17] and can

have a linear phase response, which insures pulse fidelity in time domain. Given

enough numbers of taps, it is possible to design an FIR filter with arbitrary magni-

tude or phase response. That is the reason behind the wide usage of FIR filters in

communication systems. Analog linear filters, however, suffer from some disadvan-

tages such as the amplification of noise and the inability to compensate for deep nulls

(discontinuities) in the channel frequency response [16] [19] [20] [21]. The decision

feedback equalizer (DFE), which details are going to be discussed in Sec. 2.2 is a non-

linear filter capable of compensating deep nulls in the channel frequency response

without amplifying the noise. However, DFEs are more challenging to implement at

high bit rates because of the timing condition of their feedback loop. In general opti-

cal fiber communication systems normally employ a several-tap FFE filter followed

by at least a one-tap DFE equalizer [16].
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1.3 Chip-to-Chip and Board-to-Board Applications

Not only are equalizers employed in optical fiber communication systems but also

in chip-to-chip and board-to-board communication. Here, equalization is also neces-

sary because of the looses in the copper traces on printed circuit boards (PCBs) due

to skin effect and dielectric loss [22] [23]. Moreover, reflections may occur because

of discontinuities in the impedance along the transmission lines on the PCB or when

interfacing them to the different connector types. These reflections may appear as

discontinuities in the frequency response of the channel, for which also DFEs are a

very effective means to equalize. Analog equalizers are generally utilized in such

applications together with simple modulation formats such as on-off-keying.

1.4 Motivation

The motivation behind this work is the design and characterization of a DFE for

100 Gb/s bit rate. Following a review of the different architectures for DFE imple-

mentation in the literature to overcome the challenging timing condition of the feed-

back loop, a modification on an already-existing architecture is presented to further

improve its timing behavior. Next, the work describes techniques for the design and

measurement of the individual high-speed building blocks, which build up the DFE.

Based on the described techniques, 80 and 110 Gb/s DFEs are designed. Further-

more, new and innovative measurement techniques are devised to prove the ability

of the DFEs to work at such high bit rates. Finally, the 80 Gb/s DFE is practically

utilized in an experiment to mitigate ISI in a bandwidth-limited channel.

1.5 Organization of the Thesis

This thesis is organized as follows:

Chapter 2

Presents firstly the timing metrics for sequential circuits. The principle of deci-
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sion feedback equalization is then discussed. Following that, the timing metrics

are utilized to compare different implementations of DFEs with the advantages

and disadvantages of each outlined. An architecture is then selected for imple-

mentation of the DFEs in this work.

Chapter 3

Describes the design and characterization of the active and passive components

necessary for building up the DFEs, like the high-bandwidth front-end, D-flip-

flops and clock distribution network. Different techniques for bandwidth en-

hancement are also explained in this chapter. These techniques are employed

for example, in designing static frequency dividers up to 100 GHz to evaluate

the performance of the D-flip-flops.

Chapter 4

Explains the integration of the different active and passive components from

the previous chapter into a first version of the DFE working till 80 Gb/s. Fur-

thermore, new measurement techniques are then presented to test the different

bottlenecks of the design. In an experiment performed at Bell Labs, Alcatel-

Lucent, Holmdel, New Jersey, USA, the ability of the DFE is demonstrated in

mitigating ISI caused by bandwidth limitation for 80 Gb/s bit rate. The chapter

then concludes by introducing further modifications and enhancement on the

80 Gb/s DFE. These modifications are applied in the design and measurement

of a 110 Gb/s DFE.

Chapter 5

Gives a summary of the results out of this work together with suggestions for

further improvements and elaborations.



Chapter 2

Decision Feedback Equalizer

Architectures

2.1 Timing Metrics for Sequential Circuits

Before delving into the details of DFE architectures, it is important to discuss the

timing metrics of sequential circuits, which are used later in this chapter for com-

paring the timing conditions of the different DFE architectures. In the following two

sections the timing metrics of the two most used sequencing elements, namely the

latches and edge-triggered D-flip-flops, are going to be discussed.

2.1.1 Latches

The latch, shown in Fig. 2.1, is level sensitive and becomes transparent (i.e., Q=D)

when its enable signal E (here, the clock) is high.

Figure 2.1: A latch.
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Figure 2.2: Illustration of the timing metrics of a latch.

Fig. 2.2 illustrates the timing metrics of a latch. These timing metrics are defined

in the following points:

1. When Clk becomes high, the input data D is transmitted to the output Q after

a worst-case propagation delay of tcq, known as clock-to-output delay.

2. If the latch is already transparent (i.e., Clk=’1’) and the input data D changes,

then this change appears at the output Q after a worst-case propagation delay

of tdq, known as data-to-output delay.

3. For the data D to be correctly stored at or transmitted to the output Q when Clk

is turning from high to low, the data must remain unchanged for a period of

tstp, known as the setup time, before Clk changes from high to low. Moreover,

the data must remain unchanged at the input D, even after Clk changes from

high to low, for a period of thld, known as the hold time.

4. tcd,cq is the minimum clock-to-output delay (or contamination delay). Similarly,

tcd,dq is the minimum data-to-output delay (or contamination delay).

2.1.2 Edge-triggered D-flip-flops

An edge-triggered D-flip-flop consists of two latches in cascade working on opposite

clock levels, as shown in Fig. 2.3. This structure is also known as master-slave D-flip-

flop, where LT_1 is called the master latch and LT_2 the slave latch. Contrary to a
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latch, which is level sensitive, a D-flip-flop is sensitive to the clock edge.

Figure 2.3: A positive edge-triggered D-flip-flop.

There are four important timing parameters associated with edge-triggered D-flip-

flops [24]:

1. The setup time tstp is the time that the data input at D must remain stable before

the clock transition at which the D-flip-flop is triggered. This time is basically

the setup time of the master latch LT_1 in Fig. 2.3.

2. The hold time thld is the time that the data input must remain stable after the

clock edge, which is basically the hold time of the master latch LT_1 in Fig. 2.3.

3. Assuming that the setup and hold times are met, the input data at D is trans-

mitted to the output Q after a worst-case propagation delay (with reference to

the clock edge) of tcq, which is called the clock-to-output delay and is essentially

the clock-to-output delay of the slave latch LT_2 in Fig. 2.3.

4. tcd,cq is the minimum clock-to-output delay (or contamination delay).

The timing metrics of D-flip-flops can be illustrated with the help of the simple

sequential circuit in Fig. 2.4, consisting of two positive edge-triggered D-flip-flops

FF_1,2 and a combinational logic in between.
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Figure 2.4: An example of a sequential circuit to illustrate the timing metrics of D-
flip-flops.

Figure 2.5: Definition of the timing metrics for sequential circuits.

Assuming that:

1. FF_1,2 receive the clock edge simultaneously.

2. The combinational logic has a maximum propagation delay of tp,logic and a min-

imum (or contamination) delay of tcd,logic.

3. FF_1,2 are identical, i.e., they have the same tstp, thld, tcq and tcd,cq.

4. The clock period is Tclk.
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Then Fig. 2.5 shows a simple timing diagram of the data transmission into FF_1 and

then from FF_1 to FF_2. For proper transmission of the data from the input of FF_1

to its output, the setup and hold time conditions of FF_1 have to be met.

For proper transmission of the data from FF_1 to FF_2, the following condition

has to be met

tcq,FF_1 + tp,logic + tstp,FF_2 < Tclk (2.1)

The timing condition of the critical path in Inequality (Ineq.) 2.1 defines the maxi-

mum frequency at which the circuit in Fig. 2.4 can work. It emphasizes that the clock

period must be long enough for the data to propagate through FF_1, the combina-

tional logic and be set-up at FF_2.

Furthermore, for proper operation of the circuit, another condition concerning

the hold time of the destination D-flip-flop FF_2 has to be met. The hold time of FF_2

must be shorter than the minimum propagation delay through the source D-flip-flop

FF_1 and the combination logic.

thld,FF_2 < tcd,cq,FF_1 + tcd,logic (2.2)

The above conditions do not take into account the spatial variation in arrival time

of the clock edge at the two D-flip-flops, which is known as clock skew. Assuming

that FF_1 and FF_2 receive the clock edge at t1 and t2, respectively. And assuming

that FF_1 receives it before FF_2, that is t2 > t1, then to account for the clock-skew,

Ineq. 2.1 has to be modified as follows

tcq,FF_1 + tp,logic + tstp,FF_2 < Tclk + δ

tcq,FF_1 + tp,logic + tstp,FF_2 − δ < Tclk (2.3)

where δ = t2 − t1 is the clock skew. If δ>0 and the direction of clock propagation is

the same as that of the data, it is called positive clock skew. As evident from Ineq. 2.3

when compared to Ineq. 2.1, positive clock skew relaxes the timing constraint on the
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critical path, thereby increasing the maximum clock frequency at which the circuit

can work. The hold condition, however, becomes more stringent in the case of pos-

itive clock skew. In comparison to Ineq. 2.2, the circuit must satisfy the following

timing constraint for proper operation with the clock skew

thld,FF_2 + δ < tcd,cq,FF_1 + tcd,logic (2.4)

2.2 DFE Architectures

2.2.1 Conventional Decision Feedback Loops (DFLs)

As shown in Fig. 2.6, in a conventional decision feedback loop (DFL), also called a

direct full-rate DFE or non-speculative DFE, the preceding bit a(n−1) is fed back with

a certain weight and the induced ISI is subtracted from the succeeding bit a(n), before

a decision is made on its amplitude. The decision element is the D-flip-flop. The

Figure 2.6: Conventional DFL.

weighting and subtraction functions are implemented by the variable gain amplifier

(VGA) and the summation amplifier, respectively.

Differential signaling is preferred over single-ended [25] because it reduces crosstalk.

Therefore, in Fig. 2.6, as well as all the upcoming figures showing the different ar-

chitectures, the data, clock and the reference voltage are differential signals, but are

drawn as single-ended signals for simplicity.
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Although the conventional DFL is the simplest DFE architecture and dissipates

the lowest power among the other DFE architectures, its speed is limited by the finite

processing time of the feedback loop, which must not exceed one unit interval (UI).

One unit interval is defined as the duration time of one bit.

Neglecting analog effects such as ringing and settling time, the following timing

condition should be met

tcq + tVGA + tSA + tstp < UI (2.5)

where tVGA and tSA are the processing delay time arising from the VGA and the sum-

mation amplifier, respectively. The delay time arising from the feedback interconnect

is neglected, since it is usually very small compared to the other delay times, espe-

cially if the layout is done carefully.

In addition to the timing condition of the critical path in Ineq. 2.5, another timing

condition must be satisfied concerning the hold time of the D-flip-flop thld for proper

operation

thld < tcd,cq + tcd,VGA + tcd,SA (2.6)

where tcd,VGA, tcd,SA, tcd,cq are the minimum delay time (or contamination delay) [24]

of the VGA, summation amplifier and D-flip-flop, respectively.

2.2.2 Look-ahead DFEs

To overcome the speed limit of DFLs and dynamic problems such as ringing, which

arise from the fact that a new decision threshold has to be generated for each incom-

ing bit, a look-ahead architecture (also called unrolled or speculative DFE) has been

proposed in [21] [26] [27] and is depicted in Fig. 2.7. The look-ahead architecture

uses two DC references (thresholds), Vref and −Vref, corresponding to the feedback

signals for a preceded ’1’ and ’0’, respectively. Consequently, A(n) and B(n) are the

two decisions simultaneously taken on the incoming bit a(n) for the two alternative

cases that the preceding bit a(n− 1) was ’1’ or ’0’, respectively. The feedback is then

implemented by a digital 2:1 multiplexer (later referred to as MUX), which selects
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Figure 2.7: Look-ahead DFE.

the correct decision on a(n), depending on the preceding bit a(n − 1). This process

can be represented by the following recursive relation:

a(n) = A(n)a(n− 1) + B(n)a(n− 1) (2.7)

In the analysis of the critical path in Fig. 2.7, as well as in all the upcoming figures

showing the different architectures, a positive clock skew is assumed. This clock

skew is designated at the bottom of the figures of the architectures by δ.

Concerning the setup time of the FF_3, two timing conditions have to be met.

They correspond to the two delays from the selection line S to the MUX output,

which is tsq, and the delay from the input lines I1,0 to the MUX output, which is tiq.

These timing conditions are

tcq,FF_1,2 + tiq + tstp,FF_3 − δ < UI (2.8)

tcq,FF_3 + tsq + tstp,FF_3 < UI (2.9)

If all the D-flip-flops are identical then the timing condition in Ineq. 2.9 is more strin-

gent than the one in Ineq. 2.8, as usually tsq > tiq and since there is no clock skew in
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Ineq. 2.9. For example, in high-speed logic families like emitter or source coupled

logic (ECL or SCL), a MUX is implemented by stacking the transistors. The selec-

tion line is associated with transistors in the lower stack, whereas the input lines I1,0

are associated with transistors in the higher stack. Therefore, the selection line has

higher delay to the output than the input lines [28].

The timing condition of the critical path within the feedback loop in Ineq. 2.9 is

relaxed in comparison to that of the DFL in Ineq. 2.5, provided that tVGA + tSA > tsq.

Therefore, higher bit rates can be supported with look-ahead DFEs compared to con-

ventional DFLs. One remaining drawback of this look-ahead architecture, however,

is that the components must work at the full bit rate, since the clock frequency in this

case is equal to the bit rate.

The critical path condition in Ineq. 2.9 imposes a constraint for the maximum bit

rate of the look-ahead architecture. However, the hold time of FF_3 imposes extra

conditions for proper operation,

thld,FF_3 < tcd,cq,FF_3 + tcd,sq,MUX (2.10)

thld,FF_3 + δ < tcd,cq,FF_1,2 + tcd,iq,MUX (2.11)

where tcd,iq,MUX and tcd,sq,MUX are the contamination delay of the MUX from its input

lines to the output and from its selection line to the output, respectively.

2.2.3 Half-rate Parallel Look-ahead DFEs

The timing condition of the critical path within the feedback loop of the look-ahead

architecture in Ineq. 2.9 can be further relaxed using not only the decisions A(n) and

B(n) on the incoming bit a(n), but also the two decisions on its preceding bit a(n−1),

namely A(n−1) and B(n−1) [26]. Two ideas have been used to exploit this principle:

1. Two parallel decision paths for the odd and even bits can be used, as shown

in Fig. 2.8 (without the dashed lines), where the clock frequency is equal to
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Figure 2.8: Half-rate parallel look-ahead DFE.

half the bit rate. The timing condition within the feedback loop, however, is

not relaxed compared to the look-ahead architecture in Fig. 2.7, because two D-

flip-flops (FF_5,6, which work on the rising and falling edge of the clock) and

two MUXs (MUX_1,2) exist within the loop. The following Inequality describes

this timing condition of the critical path in Fig. 2.8 (without the dashed lines)

tcq,FF_5 + tsq,MUX_2 + tstp,FF_6 + tcq,FF_6 + tsq,MUX_1 + tstp,FF_5 < 2UI (2.12)

And since an assumption was made before that all D-flip-flops and MUXs are
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identical, then Ineq. 2.12 can be simplified as follows

2tcq,FF_5 + 2tsq,MUX_1 + 2tstp,FF_5 < 2UI ⇒ tcq,FF_5 + tsq,MUX_1 + tstp,FF_5 < UI (2.13)

Although the components in the architecture in Fig. 2.8 work at half the clock

frequency compared to the look-ahead architecture in Fig. 2.7, the timing con-

dition of its critical path in Ineq. 2.13 is identical to that of the look-ahead archi-

tecture in Ineq. 2.9.

To relax this timing condition, the D-flip-flops can be eliminated from the feed-

back loop as indicated by the dashed lines in Fig. 2.8 without causing oscilla-

tions [22] [29] [2]. However, the input and select lines of the MUXs in Fig. 2.8

(with the dashed lines) are staggered in time, which causes unwanted glitches

at the output of the MUX with certain input patterns and may influence the

data to be decided.

To understand this problem, a sequence 001100 is assumed to have been trans-

mitted through a PMD-limited single-mode fiber channel.

As explained in Sec. 1.1, the receiver in this case sees two time-shifted copies of

the transmitted sequence, 001100, superimposed on top of each other, which is

a form of ISI. In this example, the power is assumed to have been split equally

between the two modes at the input of the fiber and the group delay between

the two orthogonal modes (known as the differential group delay) is assumed

to equal one UI [20]. Since the ISI here is caused by one delayed bit, a 1-tap DFE

is supposed to fully recover the distorted signal. Assuming the initial state of

all D-flip-flops is ’0’, Fig. 2.9 shows a simplified timing diagram of the archi-

tecture in Fig. 2.8 with the dashed lines, when receiving the sequence 001100 in

this example. It has to be noted here also that the photodiode used in the detec-

tion is assumed to have a linear reponsivity, which means that the photocurrent

produced in the photodiode is linearly proportional to the optical power inci-

dent on it.
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Figure 2.9: Simplified timing diagram of the architecture shown in Fig. 2.8 with the
dashed lines, when all conditions in Ineq. 2.16-2.15 are satisfied.
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Furthermore, this photocurrent is assumed to be converted to voltage by a lin-

ear transimpedace amplifier.

It appears from Fig. 2.9 that the condition for no racing, i.e., for avoiding the

effect, that e.g. the decision on bit n, as it is stored as the output signal of FF_6,

does already influence the decision on its predecessor bit n − 1 instead of the

successor bit n+ 1 in MUX_1, respectively, can be expressed by the inequality

tcq,FF_3,4 + tiq,MUX_2 + tsq,MUX_1 > UI + δ + thld,FF_5 (2.14)

which is easily met in case of operation at high bit rates, where one UI is rela-

tively small in comparison to the sum of the respective delay times. A similar

condition applies for the odd channel.

For high bit rates, where Ineq. 2.14 is satisfied, the following timing conditions

have to be met:

(a) The first condition is for proper transfer of the data from FF_1,2 to FF_5

through MUX_1 and is given by

tcq,FF_1,2 + tiq,MUX_1 + tstp,FF_5 − δ < 2UI (2.15)

(b) The second condition imposes a limit on tsq,MUX_1. Looking into the timing

diagram in Fig. 2.9, it can be concluded that a time interval of 3UI should

be long enough to accommodate tcq,FF_3,4, tiq,MUX_2, tsq,MUX_1 and tstp,FF_5, oth-

erwise errors happen. This condition is described by the inequality

tcq,FF_3,4 + tiq,MUX_2 + tsq,MUX_1 + tstp,FF_5 − δ < 3UI (2.16)

The conditions in Ineq. 2.15 and 2.16 show the beneficial effect of eliminating

FF_5,6 from the feedback path in relaxing the timing condition in comparison

to Ineq. 2.13.
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2. Here, Boolean algebra is used to relax the timing condition within the feedback

loop by a factor of two. Since Eqn. 2.7 is recursive, it can be written for a(n− 1)

as

a(n− 1) = A(n− 1)a(n− 2) + B(n− 1)a(n− 2) (2.17)

Using Eqn. 2.17 to substitute for a(n−1) in Eqn. 2.7 and reducing the expression

with Boolean algebra [26] we obtain

a(n) = A(n) (A(n− 1)a(n− 2) + B(n− 1)a(n− 2))

+B(n)(A(n− 1)a(n− 2) +B(n− 1)a(n− 2)) (2.18)

Using De Morgan’s theorem, namely that XY = X + Y and X + Y = X Y , we

obtain

a(n) = A(n) (A(n− 1)a(n− 2) + B(n− 1)a(n− 2))

+B(n)
(

A(n− 1)a(n− 2) B(n− 1)a(n− 2)
)

= A(n) (A(n− 1)a(n− 2) + B(n− 1)a(n− 2))

+B(n)
(

[A(n− 1) + a(n− 2)] [B(n− 1) + a(n− 2)]
)

(2.19)

Using the distributive law, namely that X(Y +Z) = XY +XZ and X+(Y Z) =

(X + Y )(X + Z), we obtain

a(n) = A(n)A(n− 1)a(n− 2) + A(n)B(n− 1)a(n− 2)

+B(n)
(

A(n− 1)B(n− 1) + A(n− 1)a(n− 2)

+B(n− 1)a(n− 2) + a(n− 2)a(n− 2)
)

= A(n)A(n− 1)a(n− 2) + A(n)B(n− 1)a(n− 2)

+B(n)A(n− 1)B(n− 1) + B(n)A(n− 1)a(n− 2)

+B(n)B(n− 1)a(n− 2) + B(n)a(n− 2)a(n− 2) (2.20)
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But a(n− 2)a(n− 2) = 0, then the above expression can be reduced to

a(n) = A(n)A(n− 1)a(n− 2) + A(n)B(n− 1)a(n− 2)

+B(n)A(n− 1)B(n− 1) + B(n)A(n− 1)a(n− 2)

+B(n)B(n− 1)a(n− 2)

= a(n− 2)
(

A(n)A(n− 1) + B(n)A(n− 1)
)

+a(n− 2)
(

A(n)B(n− 1) + B(n)B(n− 1)
)

+B(n)A(n− 1)B(n− 1) (2.21)

To be able to reduce the above expression, we first need to expand it using the

identity a(n− 2) + a(n− 2) = 1, as follows:

a(n) = a(n− 2)
(

A(n)A(n− 1) + B(n)A(n− 1)
)

+a(n− 2)
(

A(n)B(n− 1) + B(n)B(n− 1)
)

+B(n)A(n− 1)B(n− 1)
(

a(n− 2) + a(n− 2)
)

= a(n− 2)
(

A(n)A(n− 1) + B(n)A(n− 1) + B(n)A(n− 1)B(n− 1)
)

+a(n− 2)
(

A(n)B(n− 1) + B(n)B(n− 1) + B(n)A(n− 1)B(n− 1)
)

= a(n− 2)
(

A(n)A(n− 1) + B(n)A(n− 1)[1 + B(n− 1)]
)

+a(n− 2)
(

A(n)B(n− 1) + B(n)B(n− 1)[1 + A(n− 1)]
)

(2.22)

But 1 + B(n − 1) = 1 and 1 + A(n − 1) = 1, then the above expression can be

reduced to

a(n) = a(n− 2)
(

A(n)A(n− 1) +B(n)A(n− 1)
)

+a(n− 2)
(

A(n)B(n− 1) + B(n)B(n− 1)
)

= f1(n)a(n− 2) + f2(n)a(n− 2) (2.23)
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where

f1(n) = A(n)A(n− 1) + B(n)A(n− 1) (2.24a)

f2(n) = A(n)B(n− 1) + B(n)B(n− 1) (2.24b)

An implementation based on Eqn. 2.23 and 2.24 permits a total propagation

and processing delay of 2UI in the feedback loop. f1(n) and f2(n) can be im-

plemented using MUXs and computed outside of the feedback loop. When

writing Eqn. 2.23 and 2.24 for the even bits a(2m) and the odd bits a(2m + 1),

two channels and two feedback loops can be used for the even and odd bits.

For example, writing Eqn. 2.24 for the odd bits a(2m+ 1) yields:

f1(2m+ 1) = A(2m+ 1)A(2m) + B(2m+ 1)A(2m) (2.25a)

f2(2m+ 1) = A(2m+ 1)B(2m) + B(2m+ 1)B(2m) (2.25b)

In this case, the bit rate in the even and odd channels will be reduced to half

the bit rate at the input. A direct implementation of Eqn. 2.23 and 2.24 for the

even and odd bits is shown in Fig. 2.10a.

For proper operation of the architecture in Fig. 2.10a certain timing conditions

have to be satisfied for both the even and odd channels. Listed here are the

conditions for the odd channel. Similar conditions exist for the even channel:

• There is a timing condition for the lowest bit rate of operation, below

which the architecture does not work properly. It is given by:

tcq,FF_1,2 + tsq,MUX_3,4 + tiq,MUX_6 > UI + δ + thld,FF_6 (2.26)

Fig. 2.10b illustrates the case, in which Ineq. 2.26 is not satisfied. Here,

1UI is relatively long compared to the other delays such as tcq, tsq and tiq.

FF_6 in this case stores incorrect data, because the outputs of MUX_3,4 no
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(a)

(b)

Figure 2.10: (a) Direct implementation of Eqn. 2.23 and 2.24 in the half-rate parallel
look-ahead DFE (b) Simplified timing diagram of the architecture shown
in (a) at low bit rates, where Ineq. 2.26 is not satisfied.
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Figure 2.11: Simplified timing diagram of the architecture shown in Fig. 2.10a at high
bit rates, where Ineq. 2.26 is satisfied.

longer represent f1(2m + 1),f2(2m + 1), as the signals on their selection

lines have already changed from A(m),B(m) to A(m+ 2),B(m+ 2). These

periods are indicated in Fig. 2.10b by dotted lines.

• When Ineq. 2.26 is satisfied at high bit rates, where tcq, tsq and tiq are rela-

tively long compared to 1UI, the following timing conditions, defining the

maximum bit rate of operation, can be extracted from Fig. 2.10a and 2.11:

(a) For proper data transfer from FF_3,4 to FF_6 through MUX_3,4,6:

tcq,FF_3,4 + tiq,MUX_3,4 + tiq,MUX_6 + tstp,FF_6 − δ < 2UI (2.27)

(b) The next condition imposes a limit on tsq,MUX_3,4. It is illustrated in

Fig. 2.11:

tcq,FF_1,2 + tsq,MUX_3,4 + tiq,MUX_6 + tstp,FF_6 − δ < 3UI (2.28)
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(c) For proper operation of the feedback loop:

tcq,FF_6 + tsq,MUX_6 + tstp,FF_6 < 2UI (2.29)

In ECL, the values of tsq,MUX and tcq,FF are very close, since the selection

line of a MUX and the clock input of a FF are both associated with

transistors in the lower stack [28] . Hence, if Ineq. 2.29 is satisfied, both

tsq,MUX and tcq,FF are expected to be less than 1UI. But, if Ineq. 2.27 and

tsq,MUX_3,4 < UI are satisfied, Ineq. 2.28 will be automatically satisfied.

This implies that Ineq. 2.28 is not very critical, since it will be automat-

ically satisfied, once Ineq. 2.27 and 2.29 are satisfied.

(d) Concerning the hold time of FF_6, the following condition has to be

satisfied:

thld,FF_6 < tcd,cq,FF_6 + tcd,sq,MUX_6 (2.30)

Where tcd,sq,MUX_6 is the selection line to the output contamination de-

lay of MUX_6, and tcd,cq,FF_6 is the contamination delay of FF_6.

(e) To ensure that FF_6 does not store the incorrect data, represented in

Fig. 2.11 on the waveforms of f1(2m+1),f2(2m+1) by the dotted lines.

thld,FF_6 + δ < tcd,cq,FF_3,4 + tcd,iq,MUX_3,4 + tcd,iq,MUX_6 (2.31)

Where tcd,cq,FF_3,4, tcd,iq,MUX_3,4 and tcd,iq,MUX_6 are the contamination de-

lays of FF_3,4, input line to output of MUX_3,4 and input line to out-

put of MUX_6, respectively.

The dotted periods on the waveforms of f1(2m+1),f2(2m+1) in Fig. 2.11 hap-

pen essentially due to the fact that the input and selection lines of MUX_3,4

(and of course also MUX_1,2) do not change at the same time (i.e., not syn-

chronized) and are separated in time by UI. This is also the reason behind the

condition in Ineq. 2.26 for the lower limit on the data rate for proper operation.
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2.2.4 The Modified Half-rate Parallel Look-ahead DFE

In this architecture, shown in Fig. 2.12a, two modifications are proposed [7] [30] to

improve the timing behavior of the architecture in Fig. 2.10a.

These two modifications are:

1. The use of retiming latches LT_1-4 to synchronize the signals at the input and

selection lines of MUX_1-4. The effect of synchronization is illustrated in Fig. 2.12b,

where the waveforms of f1(2m+1) and f2(2m+1) no longer have any changes

inside one period of 2UI and consequently no spectral components that disturb

the signals at the input of FF_9,10. This is contrary to the architectures in 2.8

(with the dashed lines) and Fig. 2.10a. The timing condition for this synchro-

nization effect will be discussed later in this section.

2. Breaking the critical path from the outputs of FF_1-4 and LT_1-4 to the inputs

of FF_5,6 into two paths by adding FF_7-10. This has the effect of relaxing

the timing condition for proper data transmission from FF_1-4 and LT_1-4 to

FF_5,6, as the combinational logic depth in this path reduces.

Under the condition that the outputs of FF_1,2 arrive at the latches LT_3,4 before

the latches become transparent, i.e., before the clock edge, which can be expressed by

tcq,FF_1-4 < UI (2.32)

In this case the signals at the input and selection lines of MUX_1-4 are synchronized

and the timing conditions for proper operation of the odd channel are

1. Concerning the data transmission from FF_1,2 to LT_3,4

tcq,FF_1,2 + tstp,LT_3,4 − δ1 < 2UI (2.33)
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(a)

(b)

Figure 2.12: (a) The modified half-rate parallel look-ahead DFE (b) Simplified timing
diagram of the architecture shown in (a), when tcq,FF_1-4 < UI
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2. Concerning the data transmission from FF_3,4 and LT_3,4 to FF_9,10 through

MUX_3,4

tcq,FF_3,4 + tiq,MUX_3,4 + tstp,FF_9,10 − δ1 − δ2 < 2UI (2.34)

tcq,LT_3,4 + tsq,MUX_3,4 + tstp,FF_9,10 − δ2 < 2UI (2.35)

3. For proper data transmission from FF_9,10 to FF_6 through MUX_6

tcq,FF_9,10 + tiq,MUX_6 + tstp,FF_6 − δ3 < 2UI (2.36)

4. For the feedback loop:

tcq,FF_6 + tsq,MUX_6 + tstp,FF_6 < 2UI (2.37)

Looking into Ineq. 2.37, one can comprehend that it is the critical timing condi-

tion for the maximum bit of operation, because of the following reasons:

(a) As mentioned before in page 27, the values of tsq,MUX and tcq,FF are very

close in ECL. Hence, if Ineq. 2.37 is satisfied, both tsq,MUX and tcq,FF are

expected to be less than 1UI. This means that by the satisfying condition

Ineq. 2.37, the condition of synchronization in Ineq.2.32 is automatically

met.

(b) The rest of the conditions, Ineq. 2.33-2.36, are less critical compared to

Ineq. 2.37, because usually tsq > tiq, as mentioned in page 16, and because

of the positive clock skew.

The following conditions regarding the hold conditions have to be satisfied as well:

1. Concerning FF_9,10

thld,FF_9,10 + δ1 + δ2 < tcd,cq,FF_3,4 + tcd,iq,MUX_3,4 (2.38)

thld,FF_9,10 + δ2 < tcd,cq,LT_3,4 + tcd,sq,MUX_3,4 (2.39)
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Where tcd,cq,FF, tcq,cd,LT and tcd,sq,MUX are the contamination delays of the D-flip-

flops, latches and MUXs, respectively.

2. Concerning FF_6

thld,FF_6 + δ3 < tcd,cq,FF_9,10 + tcd,iq,MUX_6 (2.40)

thld,FF_6 < tcd,cq,FF_6 + tcd,sq,MUX_6 (2.41)

Similar conditions exist for the even channel.

Although the critical timing condition in Ineq. 2.37 is more stringent than that in

Ineq. 2.15 of the architecture in Fig. 2.8 with the dashed lines, since tiq,MUX − δ < tsq,MUX,

the modified architecture presented here, as mentioned before, does not suffer from

the problem of the glitches like the ones in Fig. 2.8 with the dashed lines and Fig. 2.10a.

Another advantage, which comes as a consequence of the addition of the retiming

latches, is that the modified architecture has no timing condition for the minimum bit

rate of operation, contrary to the architectures in Fig. 2.10a and 2.8 with the dashed

lines. Therefore the modified architecture presented here lends itself also to systems

supporting high and low bit rates at the same time, as in the case of multi-standard

memory controller physical interfaces [22]. However, the architecture in Fig. 2.12a is

more complex and hence dissipates more power, when compared to the ones in 2.8

and 2.10a.

It should be emphasized here that the satisfaction of the condition in Ineq. 2.32 is

very essential for the synchronization of the signals at the input and selection lines

of MUX_1-4. As explained before, in ECL, this is automatically met, provided that

Ineq. 2.37 is satisfied. In other logic families, Ineq. 2.32 has to be strictly observed to

ensure the synchronization.

Fig. 2.13 shows what happens when the condition in Ineq. 2.32 is violated, i.e.,

when the outputs of FF_1,2 arrive at the latches LT_3,4 after the latches become trans-

parent. In this case, the synchronization is disrupted and a disturbance occurs at the

output of MUX_3,4, which again may lead to errors.
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Figure 2.13: Simplified timing diagram of the architecture shown in Fig. 2.12a, when
tcq,FF_1-4 > UI.

The condition in Ineq. 2.35 for proper data transmission to FF_9,10 becomes tcq,FF_1,2+

tdq,LT_3,4 + tsq,MUX_3,4 + tstp,FF_9,10 − δ1 − δ2 < 3UI, as illustrated in Fig. 2.13.

A general limitation of the half-rate parallel look-ahead architectures in Sec. 2.2.3

as well as the architecture presented here in Fig. 2.12a is the increased complexity

for the implementation of more taps. Although the recursive relation in Eqn. 2.7 can

be written for any number of taps and the same procedure using Boolean algebra

in Sec. 2.2.3 can be utilized to increase the permissible delay in the feedback loop

[26], practically, however, the increased complexity of the circuit will make it hard

to be implemented, as the number of components and power dissipation increase

dramatically.

The modified architecture in Fig. 2.12a was used to design 80 and 110 Gb/s 1-tap
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DFEs. The circuit details and measurement of which are discussed in chapter 3 and

4, respectively.





Chapter 3

Active and Passive Components for the

Proposed DFE

This chapter focuses on the components, which are used to build up the DFE archi-

tecture described in Sec. 2.2.4. The design and characterization of both the active and

passive components in the DFE are described. The active components include the

front-end comparators, D-flip-flops and the active balun for single-ended to differ-

ential conversion of the clock signal. The passive components include the microstip

transmission lines (MSTLs) used in the clock tree and in the implementation of on-

chip inductors.

3.1 Design of the DFE Broadband Front-end

In the look-ahead DFE, two decisions are taken simultaneously on the incoming bit,

for the two alternative cases that the preceding bit was ’1’ or ’0’, respectively. Two

DC references (Vref and −Vref ), corresponding to the feedback signals for a preceded

’1’ and ’0’, respectively, are fed to a tilting (summation) amplifier. A master-slave

D-flip-flop is then used to make a decision on its amplitude. Fig. 3.1 shows the block

diagram of one tilting amplifier followed by a D-flip-flop at the DFE front-end.
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Figure 3.1: Block diagram of the tilting amplifier and D-flip-flop at the front-end.

3.1.1 Bandwidth Requirement

In the design of the front-end for broadband circuits, a trade-off always exists be-

tween the ISI and noise [31]. On one hand, the bandwidth should be minimized to

reduce the total integrated noise, hence increasing the sensitivity. On the other hand,

limited bandwidth introduces ISI. This trade-off can be explained using a simple first

order RC low-pass filter with a cut-off frequency fc. When applying one full length of

an ideal 27 − 1 PRBS with a bit rate Rb=100 Gb/s, of which the eye-diagram is shown

in Fig. 3.2a, to the input of the filter, the resulting eye-diagrams at the output corre-

sponding to fc(in GHz)=0.7, 0.5 and 0.2Rb are shown in Fig. 3.2b-3.2d, respectively.

It is obvious from the horizontal and vertical eye-closures in Fig. 3.2b-3.2d that the

ISI increases as the bandwidth of the filter decreases. On the other hand, compared

to the case when fc=Rb, the integrated root mean square (rms) noise voltage at the

output of the front-end drops by a factor of
√
0.7,

√
0.5 and

√
0.2 when fc=0.7, 0.5 and

0.2Rb, respectively [31].

It has been proven that a bandwidth of 0.7Rb GHz for the front-end is a good

compromise between the noise and ISI [31] [25].

A conventional implementation of the tilting amplifier is shown in Fig. 3.3a. Com-

plementary data inputs (Vin and Vin) are fed to a differential amplifier (Q1,2), which

is accordingly tilted by the reference voltages applied to a second differential pair

(Q3,4) working on the same loads. The D-flip-flop is a standard ECL master-slave D-

flip-flop. Fig. 3.3b shows the schematic of the master latch of this D-flip-flop, where

Q1,2 represent the tracking differential pair and Q3,4 represent the latching differen-

tial pair.
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(a) filter input (b) filter output, fc=0.7Rb

(c) filter output, fc=0.5Rb (d) filter output, fc=0.2Rb

Figure 3.2: Input and output eye-diagrams for a first order RC LPF with fc(in
GHz)=0.7, 0.4 and 0.2Rb.

(a) Tilting amplifier (b) Standard ECL latch

Figure 3.3: Conventional circuit implementation of the tilting amplifier and the mas-
ter latch.
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As explained earlier in this section, the bandwidth resulting from cascading the

tilting amplifier and the tracking stage of the master latch should be around 0.7Rb,

which is 70 GHz for Rb=100 Gb/s. If the first order approximation

1

BW 2
total

=
1

BW 2
1

+
1

BW 2
2

+
1

BW 2
3

+ ...
1

BW 2
n

(3.1)

was used, where BWtotal is the 3 dB bandwidth of the system resulting from cascad-

ing several systems with 3 dB bandwidths of BW1, BW2,...BWn, then their individual

3 dB bandwidths should be about 100 GHz. Among the methods utilized to relax the

bandwidth requirement on the tilting amplifier and the tracking stage of the master

latch are the following two approaches:

1. The bandwidth of the summation amplifier in Fig. 3.3a can be increased by re-

ducing the total capacitance at the collector nodes of Q1-4, hence reducing the

RC time constant at this node. This can be performed in a MOS implementation

by using the back-gate feedback technique, first introduced in [32]. A summa-

tion amplifier, which uses this technique is shown in Fig. 3.4a. Since the output

current of a MOS transistor biased in saturation region is a function of the gate-

to-source voltage and the threshold voltage, and since the threshold voltage of

a MOS transistor could be dynamically adjusted by the source-to-bulk voltage,

then the output current of the MOS transistor is a function of both the gate-

to-source voltage and the source-to-substrate voltage. In this case, only one

differential pair is needed, in comparison to two differential pairs in the con-

ventional implementation in Fig. 3.3a. Furthermore, the summation amplifier

and the latch can be merged into one cell [33], as shown in Fig. 3.4b, hence

overcoming the bandwidth reduction due to the cascading of the summation

amplifier and the latch. A drawback of this technique, however, is that it is

only implementable in triple-well MOS technologies and requires access to the

bulk terminal of the MOS transistor, as isolated bulks are needed for M1,2 in

Fig. 3.4a and M1-4 in Fig. 3.4b.
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(a) Summation amplifier (b) summation amplifier and a latch

Figure 3.4: The back-gate feedback technique.

2. The tilting amplifier can be merged into the master latch of the front-end D-flip-

flop [34][35] as shown in Fig. 3.5a, hence overcoming the bandwidth reduction

due to the cascading of the summation amplifier and the latch. This idea is

utilized to implement the front-end in this work.

In the tracking mode of the latch in Fig. 3.5a, the current is steered to the input differ-

ential pair Q1,2. To analyze the frequency response of the circuit when excited differ-

entially at Vin and Vin, it is sufficient to consider the equivalent simplified half-circuit

shown in Fig. 3.5b. The emitter followers Q7,8 are not taken into account to simplify

the analysis, since their load, which is the tracking differential pair of the slave latch,

is switched off when the tracking stage of the master latch is active and consequently

their bandwidths fall typically in the range of the transistor transit frequency fT [36].

The latching differential pair Q3,4 is switched off but still loads the nodes X and X

in Fig. 3.5a with the collector-substrate capacitances CCS3,4 and base-collector capaci-

tances Cµ3,4. The two reference voltages Vref and −Vref are considered DC signals, but

the collector-substrate and base-collector capacitances of Q11,12, namely CCS11,12 and

Cµ11,12, respectively, also still load the nodes X ,X . The bandwidth limitations of the
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(a) (b)

Figure 3.5: Tilting amplifier merged into the latch.

circuit in Fig. 3.5b comes mainly from the following two poles at Vin and X :

|ωp,in| =
1

RinCin

=
1

(RS||RM||rπ1)[Cπ1 + Cµ1(1 + gm1RC)]
(3.2)

|ωp,X| =
1

RXCX

=
1

RC(CCS1 + CCS3 + CCS11 + Cµ11 + 2Cµ3 + Cµ1(1 +
1

gm1RC
))

(3.3)

Cin and CX represent the sum of the small-signal capacitances seen at the nodes Vin

and X in Fig. 3.5a to the ground, respectively. RS is the source impedance and RM

is the resistor used for broadband matching. Rin and RX represent the small-signal

resistances seen at the nodes Vin and X to the ground, respectively. In this case Rin is

the parallel combination of RS and RM.

gm, rπ, Cµ and Cπ are the small-signal transconductance, base-emitter resistance,

base-collector capacitance and base-emitter capacitance, respectively.

The term Cµ1(1 + gm1RC) and Cµ1(1 +
1

gm1RC
) in Eqn. 3.2 and 3.3, respectively, come

from the Miller effect [36] between the nodes Vin and X . The low-frequency voltage

gain Av1 between those two nodes is Av1 = x
vin

= −gm1RC. The Miller approximation

in this case yields a capacitance of Cµ1(1 − Av1 ) = Cµ1(1 + gm1RC) to the ground at

node Vin and a capacitance of Cµ1(1− 1
Av1

) = Cµ1(1 +
1

gm1RC
) to the ground at node X .
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The term 2Cµ3 in Eqn. 3.3 comes because node X and Vout in Fig. 3.5a, which are

the base and collector of Q3, respectively, move with the same magnitude and at

opposite directions, assuming that the voltage gain of the emitter followers Q7,8 is

ideally unity. In this case, a capacitance of 2Cµ3 appears between each of these nodes

and a virtual ground. An identical result can be reached if the Miller approximation

is applied here, as the low-frequency voltage gain between X and Vout is Av = vout

x
=

−1, ideally. Which yields a capacitance of Cµ3(1 − Av) = 2Cµ3 to the ground at node

X and Cµ3(1− 1
Av

) = 2Cµ3 to the ground at node Vout.

Neither |ωp,in| nor |ωp,X| can be regarded as the dominant pole, as they are usually

of the same order of magnitude. Hence, the bandwidth is maximized when moving

both of them to higher frequencies, as follows:

1. To move ωp,in to a higher frequency, the Miller effect (represented in Eqn. 3.2 by

the term 1 + gm1RC) has to be reduced by decreasing the small-signal voltage

gain Av1 = gm1RC. Another method that helps to move the input pole to higher

frequencies, when Av1>1, is a cascode configuration [36] [37] [38]. A version of

the circuit in Fig. 3.5a using the cascode configuration is shown in Fig. 3.6.

Figure 3.6: The front-end master latch with cascode configuration.
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Figure 3.7: The equivalent simplified half-circuit of the schematic in Fig. 3.6.

The equivalent simplified half-circuit is shown in Fig. 3.7. Since gm in bipolar

transistors is a function of the biasing current and since Q1,13 share the same

biasing current, then gm1=gm13. Also since the output resistance seen at the emit-

ter of Q13 is 1
gm13

, it follows that the voltage gain between the two nodes Y and

Vout is Av1 = y
vin

= −gm1/gm13 = −1. Applying the Miller approximation on Cµ1

yields a capacitance of Cµ1(1 − Av1 ) = 2Cµ1 to the ground at node Vin and a ca-

pacitance of Cµ1(1− 1
Av1

) = 2Cµ1 to the ground at node Y . Three poles are then

identified in Fig. 3.7:

|ωp,in| =
1

RinCin

=
1

(RS||RM||rπ1)[Cπ1 + 2Cµ1]
(3.4)

|ωp,Y| =
1

RYCY

=
1

1
gm13

(CCS1 + Cπ13 + 2Cµ1)
(3.5)

|ωp,X| =
1

RXCX

=
1

RC(CCS3 + CCS13 + CCS15 + 2Cµ3 + Cµ15 + Cµ13)
(3.6)

Eqn. 3.4 reveals how the cascode configuration helped moving the input pole

to a higher frequency, as the capacitance at the input node Cin decreases from

(Cπ1 +Cµ1(1 + gm1RC)) to (Cπ1 +2Cµ1), assuming the voltage gain Av1 = gm1RC is

greater than one.

Since fT = gm
2π(Cµ+Cπ)

, the pole ωp,Y in Eqn. 3.5 falls near fT of Q13 if Cπ13 >> 2Cµ1 +

CCS1. Even for comparable values of Cπ13 and 2Cµ1 +CCS1, this pole is in the order

of fT /2 and often has negligible effect on the frequency response of the cascode

configuration [37].
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The pole ωp,X is slightly shifted to a higher frequency, as CX is decreased from

(CCS1 + CCS3 + CCS11 + Cµ11 + 2Cµ3 + Cµ1(1 +
1

gm1RC
)) in Eqn. 3.3 to (CCS3 + CCS13 +

CCS15 + 2Cµ3 + Cµ15 + Cµ13) in Eqn. 3.6.

Another advantage of using the cascode configuration is the high isolation it

provides between the switching nodes X ,X and input data to be decided as

well as the prevention of VCE breakdown of Q1,2.

Another technique in addition to the cascode configuration, which helps in

shifting the input pole towards higher frequencies, is the use of emitter fol-

lowers to drive the tracking differential pair, because emitter followers have

low small-signal output impedance. For example, when using an emitter fol-

lower biased with a current of 2 mA, its driving impedance can be as low as

1
gm

= IC

VT
=13Ω, where VT≈26 mV @ 300 ◦K is the thermal voltage [36]. However,

the output impedance contains an inductive part at high frequencies, which

may lead to ringing and affect the data to be decided. This is the reason why

emitter followers were not used to drive the master latch in this work. A de-

tailed treatment of the output impedance of emitter followers will be presented

in Sec. 3.2.2.1, as it will be utilized to implement active inductors in Sec. 3.4.1.

2. To decrease the effect of bandwidth limitation caused by the pole ωp,X, inductive

peaking can be used, as will be discussed in Sec. 3.1.3.1.

The following considerations and design methodology were applied when choos-

ing the transistor sizes, values of the loading resistor RC and the tail current Ibias1 in

the schematic shown in Fig. 3.6:

1. Depending on the transistor sizes, the tail current, Ibias1, should be chosen to be

10-20% less than the collector current corresponding to the maximum fT in the

technology, which allows maximum switching speeds in the differential pairs.

This 10-20% margin is necessary, because the decline of fT at higher collector-

currents than the one corresponding to max fT is very strong [38]. The 10-20%

provide some margin for the process and temperature variation.
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2. Depending on the biasing current, the value of the load resistor RC can be cho-

sen so as to have a single-ended logic swing (Ibias1RC) of 200-300 mV.

Ibias1RC = 200 to 300 mV (3.7)

A simplified large signal analysis of the DC transfer characteristics of a bipo-

lar differential pair with resistive load reveals that a differential input voltage

swing of four times the thermal voltage, VT , can completely steer the tail current

from one side to another [36]. This suggests that the single-ended logic swing

can be as low as 100 mV. However, this simplified analysis ignores the volt-

age drop across the parasitic emitter resistance re [38]. In new HBT technology

nodes, the peak fT current density increases and the emitter width decreases,

thus increasing the parasitic emitter resistance. For example, the smallest size

HBT transistor in the technology used for implementation (Appendix A) with

emitter dimensions of 0.48µm×0.12µm has re=30Ω. Hence, to ensure complete

switching of the tail current, the minimum single-ended logic swing must be

corrected to Ibias1RC ≥ 4VT + Ibias1re [38]. Since an even larger swing is required

at high temperatures due to the increased thermal voltage, a single-ended logic

swing between 200 and 300 mV is recommended. This provides enough mar-

gin to account for the impact of process and temperature variations and also

very good noise margin [28]. Larger logic swings should be avoided, as large

RC decreases the bandwidth or, by other words, increases the gate delay due to

the increased time constant at the collector nodes X ,X as shown in Eqn. 3.6.

3. The transistors Q5,6 can have the same size as Q1,2 for maximum switching

speed in the clock differential pair.

4. The minimum size transistors could be used for Q3,4,7,8,13-16 to decrease the

capacitive loading on nodes X ,X , as CCS is minimized.

A simple procedure for choosing the value of RC, Ibias1 and the sizes of the transis-

tors Q1,2 begins by choosing the minimum size transistor, hence choosing Ibias1. The
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value of RC is then chosen according to Eqn. 3.7. The small-signal 3 dB bandwidth

and voltage gain is then checked by AC simulations. If the bandwidth is less than the

desired value or if the gain is less than one, the transistor sizes should be increased

and the procedure is iterated, till a compromise is reached among the bandwidth,

gain and logic swing.

3.1.2 Design and Characterization of the First Version of the DFE

Front-end

3.1.2.1 Circuit Description

The idea of merging the summation amplifier and the latch into one cell using the

procedures outlined in the previous section was utilized to design the first version

of the DFE front-end. The schematic of this version is shown in Fig. 3.6. Two DC

power supplies are employed Vee=-3 V and Vcc=2 V to allow bias-free input. The

chip photo and its corresponding deembedding structures are shown in Fig. 3.8a

and 3.8b, respectively. The input Vin is connected to the pad through a 50Ω MSTL,

with the uppermost thick metalization layer TM2 in the technology (Appendix A) as

the signal conductor (width=15µm) and M1 as the ground plane. The other input Vin

is terminated on-chip to the ground through a 50Ω resistor. The circuit was designed

to have a single-ended small-signal voltage gain (Av = vout

vin
) of about 4 dB. As no

parasitic extraction feature was available in the design kit during the time of the

design, the circuit was designed with a 3 dB bandwidth in excess of 100 GHz to leave

some margin for the bandwidth shrinkage due to the parasitics.

(a) DFE front-end (b) Deembedding structures

Figure 3.8: Chip photo of the first version of the DFE front-end
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3.1.2.2 Circuit Characterization

Single-ended S-parameters measurement was performed on-wafer using the two

port Agilent 8510XF vector network analyzer (VNA) up to 110 GHz. SOLT (Short-

Open-Load-Thru) calibration was performed using an impedance standard substrate

(ISS) to set the input and output measurement reference planes at the probe tips. Fur-

thermore, to set the measurement reference plane at the input and output of the cir-

cuit, the open-short deembedding (Fig. 3.8b) technique (Appendix B) was employed.

(a) S21 (b) Av

Figure 3.9: Measurement and simulation results of the first version of the DFE front-
end

In the DFE, the front-end master latch is loaded by the slave latch, not 50Ω. This

necessitates the post processing of the measured S-parameters to obtain from it the

voltage gain Av of the DFE front-end. The procedure for the post processing is ex-

plained in Appendix C.

Fig. 3.9a and 3.9b show the deembedded measurement and simulation results of

S21 and Av, respectively. Although the schematic was designed to have more than

100 GHz of 3 dB bandwidth for Av, the measured 3 dB bandwidth was only 45 GHz,

which is far less than the required bandwidth, as discussed in Sec. 3.1.1 [35]. At the

time of the measurement, RC parasitic extraction using Diva R© became available in

the design kit and post layout simulations rendered 55 GHz of bandwidth. Because
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the bandwidth was not sufficient, a redesign of the front-end was necessary and will

be described in the next section.

3.1.3 Design and Characterization of the Second Version of the DFE

Front-end

3.1.3.1 Circuit Description

In Sec. 3.1.1, an explanation was given as to how the input pole in Eqn. 3.2 can be

shifted to high frequencies using the cascode configuration, hence relaxing the effect

of the bandwidth limitation it imposes. This configuration was used to design the

first version of the DFE front-end in Sec. 3.1.2. In this section, in addition to the

use of the cascode configuration, inductive peaking (also called shunt peaking) [31]

[38] is used to relax the effect of the bandwidth limitation due to the output pole in

Eqn. 3.6.

Figure 3.10: Common emitter amplifier with inductive peaking.

To illustrate how the inductive peaking increases the bandwidth, the simple com-

mon emitter amplifier in Fig. 3.10 can be used. The addition of an inductor in series

with the load resistor provides an impedance component that increases with fre-

quency (i.e., it introduces a zero), which helps offset the decreasing impedance of the

capacitance with frequency, leaving a net impedance that remains roughly constant

over a broader frequency range than that of the same amplifier without the inductor.
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The AC voltage gain in this case is given by

Av(jω) = −gm1Zc(jω) = −gm1Rc

1 + jωLc

Rc

1 + jωRcCx + (jω)2CxLc

(3.8)

Compared to the case without inductive peaking Lc = 0, the value of Lc can be

chosen so that the maximum bandwidth, a maximally flat magnitude or maximally

flat group delay condition is satisfied for the frequency response in Eqn. 3.8 [31] [38].

In theory, the maximum bandwidth attained by inductive peaking is about 1.85 times

that of the case without inductive peaking [31] [39], but this comes at the cost of 3 dB

gain peaking. Practically, however, inductive peaking improves the bandwidth to

a lesser extent because of the parasitic capacitances and limited quality factors of

on-chip inductors [31].

Figure 3.11: Chip photo of the second version of the DFE front-end.

Inductive peaking was employed in the design of the second version of the DFE

front-end. Two circuits have been fabricated as shown in the photo in Fig. 3.11;

one without inductive peaking (Lc = 0) and another with inductive peaking. The

schematic of the latter is shown in Fig. 3.12. The tail current was readjusted to re-

flect the changes in the transistor models in the technology, because the technology

parameters had not been frozen at that time. To determine the value of Lc needed
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to achieve a bandwidth of at least 70 GHz, post layout-simulations were performed,

where an ideal inductor model was used for Lc.

Figure 3.12: Schematic of the second version of the DFE front-end.

As shown in Fig. 3.13, an ideal inductance value of about 100 pH results in a

bandwidth of 80 GHz, which satisfies the bandwidth requirement. A value of 130 pH

results in the maximum bandwidth of 83 GHz, but with 2.8 dB of peaking in the

frequency response.

The input impedance Zin, of a lossless TL with characteristic impedance Zo, and

an electrical length θ, terminated with a load ZL, is given by

Zin = Zo

ZL + jZotanθ

Zo + jZLtanθ
(3.9)

Considering the case when ZL is a short-circuit, then

Zin = jZotanθ (3.10)

The purely imaginary input impedance in the above equation increases with fre-
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Figure 3.13: Post-layout simulations of the second version of the DFE front-end.

quency when θ < 90◦, which resembles the input impedance of an inductor. Therefore

a shorted TL behaves like an inductor over a range of frequencies where its electrical

length is less than 90◦.

The previous conclusion was utilized to design the required 100 pH inductors

as MSTLs with short circuit terminations. The MSTL has a width and length of

3µm and 130µm, respectively. TM1 is employed as the signal conductor and M1

as the ground plane. The MSTL was simulated in Momentum R©. Fig. 3.14 shows the

real and imaginary parts of its input impedance. The imaginary part of the input

impedance of a 100 pH ideal inductor is also depicted in Fig. 3.14 to show how good

the MSTL approximates an ideal inductor. Fig. 3.13 shows the simulation results

Figure 3.14: Using MSTL to realize the 100 pH required inductor.
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when replacing the ideal inductor with the S-parameter model of the MSTL from

Momentum R©. The bandwidth reduces slightly and becomes around 77 GHz.

When integrating the front-end with the other components of the DFE and due

to layout constraints, a change in the metalization layers used in the realization of

the inductors had to be taken. The inductors in this case were realized using a MSTL

with a width and length of 3 and 85µm in TM2 as the signal conductor and M3

and ground plane, respectively. These dimensions were chosen to give the same

inductance value of 100 pH as the inductors implemented between TM1 and M1.

The MSTLs implemented between TM2 and M3 in this case extends vertically at

both sides of the slave latch as shown in the part of DFE chip photo in Fig. 3.15.

Figure 3.15: Chip photo showing the integration of the front-end into the DFE. TM2
appears in bright gold color in the dark background representing M3.

3.1.3.2 Circuit Characterization

A fully differential characterization of the DFE front-end until 110 GHz requires ei-

ther a true four-port VNA or a two-port VNA with switch box to extend it to a four-

port VNA. Neither of them, however, was available up to 110 GHz. Therefore, it was

necessary to develop a measurement technique to enable bandwidth measurement

of this version of the DFE front-end semi-differentially (i.e., only when one input is

active and the other is grounded) using the available two-port 110 GHz VNA and

GSG probes.
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In this technique, the input and output pads are arranged so as to take four dis-

tinct single-ended S-parameter measurements that relate each input to one output

at a time, while the other input is grounded and the other output is left open. The

input pads are arranged as (G,Vin,Vin,G) whereas the output pads are arranged as

(G,Vout,G,Vout,G). For example, putting the signal pin of the GSG probe on the input

pad Vin in Fig. 3.11 will make the other input pad Vin grounded. In contrast, at the

output side, when the signal pin of the GSG probe is on the output pad Vout, the other

output pad Vout is left open. In this case an S-parameter set relating Vout to Vin can be

measured. The probe at the output side is then shifted to let the output be taken from

Vout and another S-parameter set relating Vout to Vin is measured. The resulting four S-

parameter sets are then converted to voltage gains, assuming the load is open circuit

(Appendix. C). In this conversion to voltage gain, the load is assumed an open circuit,

because while the GSG is placed on one output, the other output is always left open.

In this way, the load symmetry between the two outputs Vout and Vout is maintained

and the only loading to the core of the circuit is the pad capacitance (about 30 fF)

and the connecting line to it. The resulting four voltage gains can be summarized as

follows:
vout

vin

and
vout

vin

when vin = 0 (3.11)

vout

vin

and
vout

vin

when vin = 0 (3.12)

When vin = 0, the voltage gain from vin to vout and vout can be assumed to be

vout = −Av1

2
vin and vout =

Av2

2
vin (3.13)

It follows then that

(vout − vout)|v
in
=0 =

Av1 + Av2

2
vin (3.14)
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Similarly, when vin = 0, the voltage gain from vin to vout and vout can be assumed to be

vout =
Av1

2
vin and vout = −Av2

2
vin (3.15)

Then

(vout − vout)|vin=0 = −Av1 + Av2

2
vin (3.16)

Using the superposition principle, the right hand sides in Eqn. 3.14 and 3.16 can be

summed up as

vout − vout =
Av1 + Av2

2
(vin − vin) (3.17)

It follows then from Eqn. 3.17 that the semi-differential voltage gain, Av,semi-diff is

Av,semi-diff =
vout − vout

vin − vin

=
Av1 + Av2

2
(3.18)

Fig. 3.16a and 3.16b show the measurement and simulation results of S21 (from Vin to

Vout) and Av,semi-diff, respectively. For Av,semi-diff, in Fig. 3.16b, a 3 dB bandwidth of around

71 GHz - compared to 77 GHz in simulations - is achieved. In the case without induc-

tive peaking, only 61 GHz - compared to 65 GHz in simulations - is achieved. This

version of the DFE front-end is used later on, when integrating the components in

the DFE.

3.2 Static Frequency Dividers

In addition to figures of merit for the transistor performance in a technology, like fT

and fmax , some parameters derived from simple benchmarking circuits are regarded

as good indicators for the achievable performance in a wide range of circuit applica-

tions. One of those parameters is the ring oscillator gate delay, which is usually the

gate delay of the simplest combinational gate, namely an inverter, in bipolar technol-

ogy mostly set up in ECL. Besides the need for transistors with high intrinsic speed,

such a ring oscillator also requires resistors with low parasitic capacitance and a met-
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(a) S21 (b) Av,semi-diff

Figure 3.16: Measurement and simulation results of the second version of the DFE
front-end.

alization stack with low parasitics. Therefore the ring oscillator gate delay serves as

a good measure to evaluate a device technology for logic applications.

Digital circuits, however, consist not only of combinational logic gates but also

sequential logic gates. The simplest sequential ECL gate is the D-flip-flop. Since

a static frequency divider consists of one D-flip-flops connected in a negative feed-

back manner, the maximum frequency of its operation is used as another traditional

measure to indicate the technology performance.

Although other types of frequency dividers exist, which have higher maximum

frequency of operation compared to static frequency dividers, such as injection locked

frequency dividers and dynamic (regenerative) frequency dividers, they suffer from

the disadvantage of working only in a certain frequency range and not down to DC.

A static frequency divider, on the contrary, is able to work down to DC, if the slew

rate of the input clock signal is high enough.

Fig. 3.17 shows the block diagram of a static frequency divider. The inverted

output of the slave latch is connected back to the input of the master latch. This

results in an output toggling at the falling edge of the input clock signal. Therefore,

the frequency of the output is half of the input frequency [24].
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Figure 3.17: Block diagram of the static frequency divider

3.2.1 86 GHz Static Frequency Divider

3.2.1.1 Circuit Description

The schematic of one latch from this static frequency divider [40] is shown in Fig. 3.18.

Compared to the standard ECL latch shown in Fig. 3.3b, two bandwidth enhance-

ment techniques were used to increase the bandwidth of the latch and hence increase

the maximum frequency of operation. These two techniques are the use of cascode

configuration (Sec. 3.1.1) and inductive peaking (Sec. 3.1.3.1). 50µm × 50µm on-chip

inductors implemented in TM2 were utilized for inductive peaking. Their induc-

tance at 50 GHz is around 186 pH, while their self-resonance frequency is 128 GHz.

The tail current is set to the optimal current corresponding to maximum fT , for max-

imum current switching speed between the tracking and the latching phases. For

high speed operation and moderate noise margin, the values of the resistors RC are

selected so as to have 150 mV single-ended logic swing. Two extra emitter follow-

ers, Q7,8, are utilized to provide enough headroom for the tracking differential pair

of the slave latch. The use of double emitter follower also increases the decoupling

capability (impedance transformation) of the emitter followers at high operating fre-

quencies [25] [41]. The feedback is taken from the first emitter followers Q7,8, to

reduce the feedback delay from the collectors to the bases of Q3,4.

The circuit uses two power supplies (Vee=-2 V and Vcc=3.5 V) to allow bias-free

clock input. Since single-ended excitation was intended for measurements, one clock
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Figure 3.18: Schematic of one latch from the 86 GHz static frequency divider

input is terminated directly to the ground. For broadband matching a 50Ω termina-

tion is used at the other input and 50Ω MSTL further connects this input to the pad.

The output buffer is a simple differential pair with 50Ω load resistors and is con-

nected to the output pads also by 50Ω MSTLs.

Figure 3.19: Chip photo of the 86 GHz static frequency divider

The photo of the chip is shown in Fig. 3.19. Its size is 1.07×0.50 mm2, including

the pads.
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3.2.1.2 Circuit Characterization

Measurement was performed on-wafer [40]. To measure the divider input sensitivity

for the frequency range 75-90 GHz, a CW generator was connected to a frequency

multiplier. The output from the frequency multiplier was then connected through a

waveguide to a GSG probe. For input frequencies up to 60 GHz, the CW generator

was connected to a GSG probe by a low loss coaxial cable. One output was monitored

on Agilent E4448A 3 Hz-50 GHz spectrum analyzer by a GSG probe, while the other

output was left open.

A signal with a frequency of 29.67 GHz was observed at the output without ap-

plying any input, which is defined as the output oscillation frequency. This means

that the input-referred self-resonance frequency is 59.34 GHz. The divider is work-

ing in measurement from 40 GHz to 86 GHz, as indicated by the sensitivity curve

in Fig. 3.20. The ostensible loss in sensitivity below 40 GHz is caused by the low

Figure 3.20: Sensitivity curve of the 86 GHz divider

slew-rate of the input signal. To increase the slew-rate, higher input power can be

delivered. Although the CW generator is able to deliver more than -5 dBm of input

power for frequencies below 40 GHz, as the input power level is increased Q1,2 leave

the active region and go into the saturation region, which ultimately leads to oper-

ation failure. In simulation, however, when a square wave with high slew-rate and

with amplitudes that do not drive Q1,2 into saturation is used, the circuit is able to



58 Active and Passive Components for the Proposed DFE

work down to very low frequencies.

Diva R© RC extraction of the circuit core was performed and post-layout simula-

tions yielded an output oscillation frequency equal to 37 GHz and operating fre-

quency range from 43 to 92 GHz. Although the post-layout simulation shows the

right tendency, as the maximum frequency of operation decreased from 108 GHz in

schematic-level simulation to 92 GHz in post-layout simulation. The discrepancy,

however, between the maximum frequency of operation in measurement and post-

layout simulation could not be explained.

3.2.2 100 GHz Static Frequency Divider

3.2.2.1 Circuit Description

The motivation behind designing even faster D-flip-flops than those described in

the previous section was the necessity to increase the speed of the DFE from 80 to

110 Gb/s (Sec. 4.4) [7].

The schematic of one latch is shown in Fig. 3.21. The tail current is again read-

justed to reflect the changes in the transistor model and is set to the optimal current

corresponding to maximum fT for maximum speed of operation. The use of multiple

emitter followers is recommended for high operating speeds, as the decoupling ca-

pability (impedance transformation) of emitter followers is rather limited due to the

reduced effective current gain (|β| ≈ fT/f ) of the transistors [25] at high frequencies.

Thus two or even three cascaded emitter followers are often required.

In the schematic of Fig. 3.21, the minimum size transistor with emitter length (EL)

equal to 0.48µm was used for the first emitter follower pair Q7,9 to decrease Cµ7,9,

which directly affect the time constant at the collectors of Q1-4, hence reducing the

speed. In contrast, the second emitter follower pair Q8,10 is usually longer, because

it is strongly loaded due to the Miller effect in the differential pair of the succeed-

ing latch (Q1,2). To optimize the size of the second emitter follower pair Q8,10,

and hence the bandwidth of the cascaded emitter followers in AC simulations, the
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Figure 3.21: Schematic of one latch from the 100 GHz static frequency divider

Figure 3.22: Schematic used to optimize the sizes of the two emitter followers

schematic in Fig. 3.22 was utilized, where the differential pairs (or current switches)

Q1,2 and Q3,4 were simply modeled by AC current sources. The loading at the out-

put of the circuit in this case is the sensing differential pair of the slave latch Q1,2 in

Fig. 3.21, when the tail biasing current is steered to it.
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(a) EL2=0.48µm (b) EL2=0.84µm

(c) EL2=1.68µm (d) EL2=2.52µm

Figure 3.23: The effect of using different sizes of emitter followers.

Fig. 3.23a- 3.23d show the frequency response of the first emitter follower pair

vEF

vX
, the second emitter follower pair

vQ

vEF
and the overall frequency response

vQ

vX
, as the

emitter length of the second emitter follower pair increases from 0.48µm to 2.52µm,

while keeping the first emitter follower length constant at 0.48µm. In all cases the

emitter followers are biased with the optimal current corresponding to maximum fT

, which are 1.2, 2, 4 and 6 mA for EL2=0.48. 0.84, 1.68 and 2.52µm, respectively. The

overall bandwidth increases from 139 GHz to 175 GHz, as EL2 increases from 0.48 to

1.68µm. A further increase in EL2 does not result in significant increase in the overall

bandwidth. Hence EL2=1.68µm was chosen as the optimum value.
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Increasing EL2 results in increased bandwidth of the second emitter follower pair

because its transconductance gm increases, while its load is fixed. The bandwidth

of the first emitter follower pair, however, decreases slightly as their capacitive load

increases, as a result of the increase in the second emitter follower size, while their

transconductance is maintained constant.

The peaking in the frequency response in Fig. 3.23a- 3.23d can be explained, when

looking at the input and output impedance of an emitter follower with the help of

the small-signal model as follows:

(a) small-signal model

(b) capacitive load (c) resistive load

Figure 3.24: Input impedance of emitter followers.

To obtain an expression for the input impedance Zin of an emitter follower, the

small-signal model in Fig. 3.24a is used. The frequency of operation is assumed high

enough to neglect the effect of the small-signal input resistance between the base

and emitter, looking into the base, rπ, as most of the AC base current flows through

Cπ, hence, simplifying the analysis. This approximation is valid for ω > 1
Cπrπ

. But

rπ = βo/gm and ωT = 2πfT = gm
Cπ+Cµ

≈ gm
Cπ

, since Cπ >> Cµ. It follows then that the

approximation is valid when ω > 1
Cπ(βo/gm)

= ωT

βo
, where βo is the low-frequency short

circuit common emitter current gain [25] [41]. In the technology used throughout
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this work (Appendix A), βo=900 and fT =250 GHz, which makes the approximation at

hand valid for frequencies above 0.28 GHz. rb is the series base resistance of the tran-

sistor, which consists of two parts [36]. The first part, which is not bias-dependent, is

the resistance of the path between the base contact and the edge of emitter diffusion

area. The second part, which is bias-dependent, is the resistance between the edge of

the emitter and the site within the base region at which the current is actually flow-

ing. Also to simplify the analysis, the load is assumed purely capacitive and equal to

CL.

Applying Kirchhoff’s current law (KCL) at the emitter node in Fig. 3.24a:

jωCπvπ + gmvπ = jω(v1 − vπ)CL (3.19)

v1 =
gm + jω(CL + Cπ)

jωCL

vπ =
gm + jω(CL + Cπ)

jωCL

i1
jωCπ

(3.20)

From Eqn. 3.20, the impedance Z1 in Fig. 3.24a can then be expressed as

Z1 =
v1
i1

=
−gm

ω2CLCπ

+
CL + Cπ

CLCπ

1

jω
(3.21)

Using Fig. 3.24a and Eqn. 3.21, an equivalent circuit for Zin can be obtained, as shown

in Fig. 3.24b. A similar analysis can be performed when the load is resistive RL and

the resulting equivalent circuit is shown in Fig. 3.24c. In both cases Zin contains a

capacitive and resistive part, which may become negative in the case of capacitive

loading.

To obtain an equivalent circuit for the output impedance Zout of an emitter fol-

lower, the small-signal model in Fig. 3.25a is used. To simplify the analysis, the effect

of Cµ is neglected, which is valid for frequencies ω < 1
(rb+Rs)Cµ

and holds if the source

impedance Rs connected to the base is low enough. For example, in the first emitter

follower pair, Cµ is about 0.35 fF and rb is about 50Ω. This gives a corner frequency

1
2π(rb+Rs)Cµ

in excess of 3 THz.
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(a) small-signal model (b) inductive output
impedance

Figure 3.25: Output impedance of emitter followers.

Applying KCL at the base node in Fig. 3.25a:

jωCπvπ = −vout + vπ
Rs + rb

⇒ vout = −[1 + jωCπ(Rs + rb)]vπ (3.22)

Then applying KCL at the emitter node yields

iout = −vπ(gm + jωCπ) (3.23)

Dividing Eqn. 3.22 by Eqn. 3.23, an expression for Zout can be obtained

Zout =
vout

iout

=
1 + jωCπ(Rs + rb)

gm + jωCπ

=
1/gm + jωCπ(Rs + rb)/gm

1 + jωCπ/gm
(3.24)

But ωT =
gm

Cπ+Cµ
≈ gm

Cπ
, so the expression in Eqn. 3.24 can be rewritten as

Zout ≈
1/gm + j(Rs + rb)ω/ωT

1 + jω/ωT

(3.25)

For frequencies ω << ωT, the imaginary part in the denominator of Eqn. 3.25 can be

neglected. The following expression then approximates Zout

Zout ≈ 1/gm + j(Rs + rb)ω/ωT (3.26)

Eqn. 3.26 can be modeled by the equivalent circuit shown in Fig. 3.25b, which shows

that the output impedance of the emitter follower contains an inductive and resistive
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part.

The peaking in the frequency response in Fig. 3.23 happens because at the nodes

VEF and VEF in Fig. 3.22, the output impedance of the the first pair of emitter followers

is inductive (Fig. 3.25b), whereas the input impedance of the second pair of emitter

followers is capacitive (Fig. 3.24b).

It has been argued in the circuit description of the 86 GHz frequency divider

(Sec. 3.2.1.1) that taking the feedback from the first emitter followers reduces the

feedback delay from the collectors to the bases of the latching differential pair, Q3,4,

and hence is expected to increase the operating speed of the divider. However, after

further investigations during the design of this version of the static frequency divider

and the optimization of the emitter follower sizes, this expectation turned out to be

wrong. Although, on the one hand, the delay is increased, when taking the feedback

from the second emitter follower, on the other hand, the signals at the output of the

second emitter follower have steeper edges (low rise and fall times) in time domain.

This is especially true, when the sizes of the two emitter followers in cascade are

optimized, as it has been discussed in this version of the static frequency divider in

contrary to the 86 GHz version in Sec. 3.2.1.1. The optimization of the emitter fol-

lower sizes in this version leads to a better driving capability of the second emitter

follower in comparison to the first emitter follower, because the second emitter fol-

lowers have higher biasing currents, which leads to steeper edges of the signals at

their outputs in time domain. For example, in this version of the static frequency di-

vider, the maximum frequency of operation in schematic simulation decreased from

120 to 108 GHz, when taking the feedback from the first emitter followers instead of

the second ones.

Although the use of cascode increases the frequency of operation by shifting the

input poles to higher frequencies, in the design at hand, the increment in the max-

imum frequency of operation after using the cascode was only 1 GHz, which incre-

ment is indeed very marginal. This is due to the optimization of the sizes of the two

emitter followers, which led to a very small driving impedance at the output of the
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second emitter follower and hence the effect of the input pole was not dominant. A

cascode was therefore not used in this design to simplify the layout and to avoid the

extra biasing network associated with it, which also simplifies the layout.

Inductive peaking by means of 100 pH ideal inductors did increase the maximum

frequency of operation in schematic simulation from 120 to 140 GHz. This confirms

the conclusion that here the maximum frequency of operation is not limited by the

input pole but by the output pole. However, an operation of the D-flip-flops, on

which the static frequency divider is based, till 120 GHz in schematic level simula-

tions, was sufficient for the operation of the feedback loop in the second version of

the DFE (Sec. 4.4). Therefore, inductive peaking was not employed. It has to be men-

tioned, however, that even without utilizing on-chip inductors, some gain peaking

is expected due to the use of two emitter follower in the feedback, as it has been

explained before and shown in Fig. 3.23c.

After optimization of the EF sizes on the schematic level and drawing the lay-

out, RLC Parasitic extraction of the divider circuit was performed using Columbus-

AMS R©. According to post-layout simulation, the output oscillation frequency was

found to be 37.55 GHz, indicating an input-referred self-resonance of 75.1 GHz. The

maximum input frequency at which the divider can work is 110 GHz with an input

power of at least 0 dBm.

For measurements, the ×6 frequency multiplier S10MS-AG from Agilent was go-

ing to be used. The multiplier has a waveguide output and is able to deliver output

frequencies in the range 75-110 GHz with a maximum output power of about 3 dBm

at 110 GHz. The insertion loss in the signal path from the waveguide output of the

multiplier to the probe-tip (including the S-bend) was estimated to be about 2 to 3 dB,

leaving us with 0 to 1 dBm of input power to the divider at 110 GHz, which is almost

the minimum input power required for correct division in simulations. This makes

the input power matching very critical for this version of the static frequency divider.

Traditionally for broadband matching, a 50Ω resistor terminated to AC ground is

used at the clock input. This provides adequate input power matching at frequen-
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cies, where the input impedance of the transistors is high enough, but as the clock

frequency starts to increase, the junction capacitances of the transistor cannot be ig-

nored and they degrade the matching. This is shown in the simulated input reflection

coefficient on the schematic level in Fig. 3.26.

Figure 3.26: Input reflection coefficient for the 100 GHz divider.

The input matching is even further degraded after parasitic extraction and also

after simulating the parasitic-extracted divider core together with an EM-simulated

60µm×60µm pad and a 50Ω MSTL in TM2 connecting the pad to the circuit core.

To reduce the effect of the pad capacitance, its width was reduced to 35µm, while

keeping its length at 60µm for a good contact with the probe-tip. Further decrease

in the pad size was not possible, as measuring the circuit on-wafer becomes very

difficult.

To further improve the input matching at 110 GHz, a short stub located very near

to the divider core was used, as shown in the chip photo in Fig. 3.27. As a result

of that, the input reflection coefficient improved by 12 dB at 110 GHz, as shown in

Fig. 3.26. Nevertheless, the disadvantage of using the short stub is the poor matching

at the low frequencies. To overcome this disadvantage, a 13µm×55µm passivation

window directly at the input of the short stub was used, as shown in Fig. 3.27. This

passivation window enables to cut away the short stub using precise needles on the

wafer probe station, hence improving again the matching at low frequencies.
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Figure 3.27: Chip photo of the 100 GHz divider

3.2.2.2 Circuit Characterization

The divider was characterized on-wafer. As explained in the previous section, to pro-

vide input frequencies in the range 75-110 GHz, the ×6 frequency multiplier was em-

ployed. Another frequency multiplier with output range 60-90 GHz from the same

series, namely, S12MS-AG was used to cover the input frequency range 60-75 GHz.

In both ranges an external waveguide mechanical variable attenuator was used to

determine the minimum input power required by the divider at a certain frequency

for proper operation. For input frequencies less than 60 GHz, the CW generator was

used directly without frequency multipliers. The output was observed on a spectrum

analyzer.

Without applying any input, an output oscillation frequency of 35.17 GHz was

observed on the spectrum analyzer, indicating an input-referred self-resonance fre-

quency of 70.34 GHz. This is very close to post-layout simulations which yielded an

output oscillation frequency of 37.55 GHz.

Fig. 3.28a and 3.28b show the sensitivity curves of the divider with the short stub

and after cutting it off, respectively. The divider worked in both cases until 100 GHz,

compared to 110 GHz in post-layout simulations [7]. Indeed the minimum required

input power at 100 GHz for proper operation was -2.5 dBm in the case of the circuit

with short stub, compared to 0 dBm in the case without the short stub, which proves

a better input matching at this frequency with the short stub. The fact that the divider

worked only until 100 GHz in both cases proves that this limit is due to the circuit
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itself and not due to the limited output power from the frequency multiplier.

The divider worked down to 50 GHz with the short stub, due to the degraded

input matching at low frequencies, but then after cutting it, the divider worked down

to 5 GHz. The ostensible loss in sensitivity below 5 GHz in the case without the short

stub is caused by the low slew-rate of the input clock signal.

(a) with the short stub (b) without the short stub

Figure 3.28: Sensitivity of the 100 GHz divider.

Although it has been proved by measurement that the short stub leads to a better

sensitivity at 100 GHz, as less input power is required for proper functionality of

the divider. Nonetheless, it turned out that the input power in measurement was

sufficient for proper operation until 100 GHz and the limitation on the maximum

frequency of operation came from the divider itself. An operation without the short

stub in this case may be more useful, if the divider is intended for use in applications

requiring proper operation over wide range of frequencies up to 100 GHz.

3.3 Design of Broadband Clock Distribution Network

Differential signaling is preferred over single-ended because it reduces crosstalk [25]

[41]. To deliver the differential clock signal to the D-flip-flops, the design of a clock

distribution network was necessary.
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Coupled MSTLs were selected to implement the differential TLs. The signal con-

ductors of the coupled MSTLs are implemented in TM2 (Appendix A), whereas the

ground plane is in M3. M1,2 were reserved for the negative and positive supplies,

respectively. This isolates the clock tree from other components of the circuit.

Fig. 3.29 shows the odd-mode characteristic impedance values, Zo,odd, and the

lengths of the lines used in the design. To match the 40
3

=13.33Ω to 100Ω from each

side of the clock tree, two λ/4 transformers were used [42]. For initial simulations

the physical TL model in ADS R© schematic entry, CLINP, was used.

Fig. 3.30 shows the difference in the input reflection coefficient between using one

and two λ/4 sections for matching. In the case of one section, the input reflection

coefficient is below -10 dB for the range of frequencies from 40 to 60 GHz, compared

to 20 to 70 GHz for the two sections. Since wideband operation was necessary, the

two section matching scheme was chosen. The 80Ω lines are terminated by on-chip

80Ω resistors at the input of the clock buffers, which allows flexibility in choosing the

lengths of the 80Ω lines according to the layout of the equalizer core. This flexibility

is further enhanced by adjusting the lengths of the 40Ω lines.

Figure 3.29: Odd-mode characteristic impedances and the lengths of the coupled
MSTLs in the clock tree.
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Figure 3.30: Reflection coefficient at the input of the clock tree.

The layout of the clock tree is shown in the chip photos of the first and second ver-

sion of the DFE in Fig. 4.3 and 4.23, respectively. Great care was taken in making the

lengths of the coupled lines pairwise equal to avoid mode conversion. EM simula-

tion using Momentum R© was performed and the resulting input reflection coefficient

is shown in Fig. 3.30. The clock and data propagation are laid-out in the same di-

rection, to have positive clock-skew, which even relaxes the timing conditions for

the maximum operating bit rate [7] [24] (Sec. 2.1). Also, to relax the clock skew, the

layout spacings between the different levels of D-flip-flops in the data propagation

direction are made compact in the equalizer core.

According to the EM simulations, the loss from the clock tree input to its indi-

vidual outputs amounts to about 12 dB. This loss is almost entirely due to the power

division loss, as the input power is divided among 12 outputs, equating the power

loss ideally to 10Log(1/12)=-10.8 dB. The rest of the loss is due to the two λ/4 trans-

formers, which have lengths of 730 and 772µm for Zo1,odd and Zo2,odd, respectively.

The difference in the two lengths of the two λ/4 sections with the odd impedances

of Zo1,odd and Zo2,odd is due to the difference in the geometry of the two coupled

MSTLs implementing them and consequently different effective dielectric constants.

For Zo1,odd=57Ω, a signal conductor width of 10µm and a separation of 20µm have

been employed, whereas for Zo2,odd=21Ω, the signal conductor width is 20µm and
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the separation is 2µm.

An active balun (balanced to unbalanced) [43] at the input of the clock tree con-

verts the single-ended input clock to differential clock and compensates partially for

the losses of the clock tree. The clock buffers at the individual outputs of the clock

tree then further compensate for the losses in the clock tree and deliver the required

clock swing for proper operation of the D-flip-flops, which is about 220 mVpp,diff. A

detailed description of the design of the active balun and clock buffers is given in the

next section.

3.4 Generating Differential Signals from Single-ended

CW Sources

As explained in the previous section, a block to convert the single-ended clock input

to differential at the input of the clock tree was necessary. Several on-chip solutions

to convert single-ended to differential signals are available, among them are:

1. On-chip TL-based passive baluns like rat-race coupler [44] and the Marchand

balun [45]: these are narrow band solutions and suffer from large on-chip area

at frequencies like 50 GHz. They generally have large insertion losses, even in

the case of Marchand balun based on the broadside-coupled lines [46].

2. On-chip transformer-based baluns realized with vertically stacked symmetri-

cal coils in the upper metalization layers in the technology: they present a very

compact solution, especially at high frequencies. Although relatively high cou-

pling coefficients between the primary and secondary coils are achievable [47]

(which means smaller insertion loss), it is very hard to design a transformer-

based balun with small magnitude and phase errors over a large bandwidth.

An analysis and a solution to compensate the unbalance in phase and magni-

tude is found in [48], but only over a narrow bandwidth.

3. On-chip active baluns: present also a very compact solution. Broadband oper-
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ation with very low insertion loss and even with gain is possible, hence they

were selected to convert the single-ended clock to differential one.

Active baluns are usually implemented by either using a differential pair with

one of its inputs AC-grounded (Fig. 3.31a) [49] or with the common-base common-

emitter (CB-CE) configuration (Fig. 3.31b) [50] [51].

(a) Differential pair configuration (b) CB-CE configuration

Figure 3.31: Two configurations for active balun implementation.

Ideally, the two outputs of the balun, Vout and Vout, should be equal in magnitude

and 180◦out of phase. The magnitude error in dB is defined as 20LogVout - 20LogVout,

whereas the phase error in degrees is defined as |∠Vout - ∠Vout| - 180◦. There is, how-

ever, inherent deviation from the ideal case in the configurations shown in Fig. 3.31,

even at low frequencies [49].

The differential pair in Fig. 3.31a can be taken as an example to illustrate the devi-

ation from the ideal balun behavior. Fig. 3.32 shows the small-signal low-frequency

equivalent circuit. Assuming the two inputs have the same DC bias, the tail current,

Ibias, divides equally between the two branches of the differential pair, and Q1,2 will

have the same small-signal parameters. From the small-signal equivalent circuit in
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Figure 3.32: small-signal model of the differential pair based balun.

Fig. 3.32, the two outputs are related to the input by the following relations

vout = −gmZvπ2 (3.27)

vout = −gmZvπ1 (3.28)

Applying Kirchhoff’s voltage law (KVL) and KCL on Fig. 3.32, the following two

equations can be written

vin = vπ1 − vπ2 (3.29)

gmvπ1 + gmvπ2 +
vin + vπ2

rπ
= −vπ2

ro + rπ
rorπ

(3.30)

Substituting from Eqn. 3.29 in Eqn. 3.30 to eliminate vπ1 and obtain an expression of

vπ2 in terms of vin, we obtain

vπ2 = − ro(1 + gmrπ)

2ro(1 + gmrπ) + rπ
vin (3.31)

Then, again substituting from Eqn. 3.29 in Eqn. 3.30 now to eliminate vπ2 and obtain

an expression of vπ1 in terms of vin, we obtain

vπ1 =
ro(1 + gmrπ) + rπ
2ro(1 + gmrπ) + rπ

vin (3.32)
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Now substituting from Eqn. 3.31 and 3.32 into Eqn. 3.27 and 3.28, respectively, we

obtain

vout = gmZ
ro(1 + gmrπ)

2ro(1 + gmrπ) + rπ
vin (3.33)

vout = −gmZ
ro(1 + gmrπ) + rπ
2ro(1 + gmrπ) + rπ

vin (3.34)

Eqn. 3.33 and 3.34 show that even at low frequencies the differential pair deviates

from an ideal balun, because of the rπ in the numerator in Eqn. 3.34. Even though

the asymmetry between vout and vout in Eqn. 3.33 and 3.34, respectively, is very small at

low frequencies, it becomes rapidly worse with increasing frequency because of the

transistor junction capacitances. A similar analysis can be carried out for the CB-CE

configuration in Fig. 3.31b.

(a) Magnitude error (b) Phase error

Figure 3.33: Deviation from ideal balun behavior for the two configurations in
Fig. 3.31b and 3.31a.

Fig. 3.33a and 3.33b compare the magnitude and phase error between the two

configurations in Fig. 3.31a and 3.31b, respectively. In the range of frequencies 20-

70 GHz, which matches the wideband design of the clock tree, the magnitude and

phase errors of both configuration are very close. Nevertheless, biasing the configu-

ration based on the differential pair is easier compared to that of the CB-CE configu-

ration. Therefore, a differential pair implementation was chosen in this work.
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3.4.1 Circuit Description

Figure 3.34: The block diagram of the active balun.

Fig. 3.34 shows the block diagram of the designed active balun. Three stages are

employed to provide the required gain and to increase the common mode rejection

ratio (CMRR), hence decreasing the phase and magnitude errors [49]. The stages are

AC-coupled to to avoid the propagation of DC offsets from one stage to the other.

Figure 3.35: First stage of the active balun.

Fig. 3.35 shows the schematic of the first stage. The second stage is similar to that

of the first stage, except that there are no extra emitter followers at its input.
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Active inductors (Q3,4 in Fig. 3.35) were utilized in the first and second stages to

shape the frequency response of the active balun such that it fits to the frequency op-

erating range of the clock tree. Similar to the emitter follower explained in Sec. 3.2.2.1

and shown in Fig. 3.25b, the impedances seen at the emitters of Q3,4 contain induc-

tive and resistive parts. The value of Rs and the transistor size were selected so as

to have the gain peak around 65 GHz instead of 50 GHz, to take into account the ef-

fect of the parasitics after layout, as no parasitic extraction tool was available in the

design kit during the design of this active balun. The use of active inductors was

preferred over spiral inductors because:

1. Active inductors take up less area. This was necessary because the design of

the first and second stages was reused for the clock buffers at the individual

outputs of the clock tree. The layout of these clock buffers had to be very com-

pact to fit between the different stages of the equalizer core, which in turn was

necessary to reduce the interconnect parasitics between the D-flip-flops and the

clock skew.

2. At low-frequency, the output impedance seen at the emitters of Q3,4 in Fig. 3.35

is very low (≈ 1
gm

). This helps the gain suppression outside the band of interest,

hence reducing the risk of oscillations, especially when the gain is high and no

parasitic extraction is available.

The third stage consists of a simple differential pair with 50Ω resistive loads. Fig. 3.36

shows the photo of the fabricated chip.

3.4.2 Circuit Characterization

4-port S-parameter measurement till 67 GHz was performed on wafer using the 2-

port VNA 8361A and its test set 4-port extension M4421B H67 from Agilent. Fig. 3.37a

and 3.37b show the magnitude and phase of the measured and simulated forward

transmission coefficients, with port 1 as the input port and ports 3 and 4 as the two
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Figure 3.36: Chip photo of the active balun.

output ports. Here, post-layout simulation was used for the comparison, since para-

sitic extraction became available in the design kit by the time of the measurement.

(a) Magnitude (b) Phase

Figure 3.37: Measured and simulated (with parasitics) forward transmission coeffi-
cients (S21 and S31).

Measured magnitude and phase errors between the two outputs are depicted in

Fig. 3.38. Maximum measured magnitude and phase errors are 0.6 dB and 2.5o, re-

spectively. The maximum magnitude and phase errors in post-layout simulation are

0.2 dB and 0.6o, respectively. Fig. 3.39a and 3.39b show the measured input and out-

put reflection coefficients as well as the reverse transmission coefficients.

To characterize the balun in time domain, Anritsu V240C resistive power di-

vider was used to split the output signal from a CW generator (SMR 60 from Ro-

hde&Schwarz). One branch was used to excite the input of the active balun using
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Figure 3.38: Measured phase and amplitude errors.

(a) Reflection coefficients (b) Reverse transmission coefficients

Figure 3.39: Measured input and output reflection coefficients as well as reverse
transmission coefficients.

a GSG probe and the other branch was used to provide the triggering signal for the

Infiniium DCA 86100B wide-band sampling oscilloscope from Agilent. At the balun

output a GSGSG probe was used and the two outputs were monitored on the oscil-

loscope. Measurement with a maximum frequency of only 45 GHz was possible due

to constraints on the frequency of the triggering signal of the oscilloscope.

Fig. 3.40 shows the two out-of-phase output signals (blue and red) and their sub-

traction (yellow) when the balun is excited by a 184 mVpp (≈-11 dBm) sine wave at

45 GHz at its input. The subtracted signal has a 1.4 ps and 187 fs peak-to-peak and

rms jitter, respectively (compared to 1.3 ps of peak-to-peak jitter of the input signal
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Figure 3.40: Time domain measurement with a -11 dBm input signal at 45 GHz (X-
axis scale is 5 ps/div and Y-axis scale is 40 mV/div).

from the CW source). The cables and connectors losses from the outputs of the balun

to the sampling heads of the oscilloscope amount to about 4.5 dB. The amplitude of

the differential signal at the out-of-phase outputs measured at the sampling heads of

the oscilloscope is about 215 mVpp (=-9.4 dBm) in Fig. 3.40. This means that, taking

into account the cables losses, the amplitude of the differential signal at the out-of-

phase outputs of the balun itself is about 362 mVpp (=-4.9 dBm). When exciting the

balun with the same input power at the same frequency in post-layout simulation,

after parasitic extraction using Columbus-AMS R©, a differential signal with an an am-

plitude of 367 mVpp (=-4.7 dBm) at the out-of-phase outputs was observed, which is

very close to the measurement result. The balun works from a 5 V supply and dissi-

pates 278 mW of power. The dimensions of the balun without the pads are 187µm ×
117µm, whereas with pads they are 900µm × 520µm.

Table 3.1 compares the results of the presented active balun with other active

baluns with bandwidth in excess of 2 GHz found in the literature by the time of its

publication [43]. On one hand, among the active baluns fabricated in SiGe technolo-

gies, it has the smallest area, the smallest phase error. On the other hand, it has

highest power dissipation, which is attributed to the high gain.
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This work [51] [52] [53] [54]

Freq range (GHz) 31-65 54-59 2-40 1-16 and 10-30 0.2-22

Gain (dB) 12.4 -1.4 1 1 5

Gain Imbalance (dB) 0.6 1.2 0.5 0.9 and 0.5 0.5

Phase imbalance

(deg)

2.5 5 10 5 4

Power (mW) 278 10.4 40 - 166

Area mm2 (with

Pads)

0.47 0.63 0.56 0.36 0.7

Technology 0.13µm SiGe 0.13µm SiGe 0.13µm CMOS 0.5 and 0.15µm

GaAs pHEMT

0.25µm SiGe

* simulation

Table 3.1: State of the art in active baluns with bandwidth in excess of 2 GHz



Chapter 4

Design and Testing of the Proposed

DFE for 80 and 110 Gb/s

This chapter presents the integration of the active and passive components from

chapter 3 into the proposed modified half-rate parallel look-ahead architecture de-

scribed in Sec. 2.2.4. Explained in this chapter are the design and measurement of

two versions of the DFE. The first version works till 80 Gb/s and the second one till

110 Gb/s.

4.1 Integrating the Components

4.1.1 Floor Planing

The modified half-rate parallel look-ahead DFE architecture described in Sec. 2.2.4

is shown here again in Fig. 4.1. In a conventional implementation of one tap DFE,

the even and odd channels have the same reference voltage (i.e., Vref_odd=Vref_even),

however in this implementation, the reference voltages of the even and odd channels,

Vref_even and Vref_odd, can be controlled independently to facilitate the measurement

techniques described later in Sec. 4.2.1 and 4.2.2.
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Figure 4.1: The modified half-rate parallel look-ahead DFE.

The floor planning is shown in Fig. 4.2. The chip has two inputs, namely the

single-ended clock, the differential input data, and the two differential outputs, namely

the even and odd output data. These inputs and outputs are arranged on the four

sides of the chip, since on-wafer measurement was intended and only one high fre-

quency probe can be used from each side. The pads have the configuration PGSGSGP

(P:power, G:ground and S:signal) to match the configuration of the probe needles.

Two pads for Vcc and Vee were used to supply the DC current to the circuit, which is

around 800 mA. The use of two DC supplies, Vcc=2 V,Vee=-3 V, allows bias-free data

input.

The core of the equalizer is the architecture in Fig. 4.1. Although all the signals

in Fig. 4.1 are differential to reduce crosstalk [25], single-ended representation was

used for simplicity. The chip photo of the DFE is shown in Fig. 4.3
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Figure 4.2: Floor planning of the modified half-rate parallel look-ahead DFE.

Figure 4.3: Chip photo of the DFE.
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4.1.2 Layout Techniques

Several techniques were utilized in the layout of the equalizer to reduce the effect of

the parasitics. Among them are:

1. In ECL gates with several inputs, the input-output propagation delay is greater

for the inputs associated with transistors at the lower level of the transistor

stack [28] [55]. This means that for the multiplexers, MUX_1-4, in Fig. 4.1, the

delay from the selection line S to the MUX output tsq is always greater than

the delay from the input lines I1,I0 to the MUX output tiq. Therefore, the cross

coupling of the even and odd channels was made before the latches LT_1-4

so as to shorten the length of the interconnects from the outputs of LT_1-4 to

the selection lines of MUX_1-4 and let the signals at the selection lines arrive

earlier than the signals at the inputs. Taking advantage of the multiple thin

metal layers M1-M5 offered by the technology (Appendix A), four layers M2-

M5 were used to implement the cross coupling. A simplified layout without

the interconnects of the clock distribution is shown in Fig. 4.4.

2. The components in the feedback loop at the end of the even and odd channels,

namely MUX_5,6 and FF_5,6, are arranged in the layout so as to reduce the

interconnect delay, as shown in Fig. 4.5.

3. Two power supply planes are employed, M1,M2 for Vee,Vcc, respectively. The-

ses planes cover almost all the chip area and act as a large distributed parallel-

plate decoupling capacitor [41]. Furthermore, decoupling metal–insulator–metal

(MIM) capacitors are inserted and distributed all over the chip. Local concen-

tration of decoupling capacitance is avoided because it may cause resonances

in combination with supply plane inductance. The global power supply planes

are realized by a metalization mesh at the maximum permissible metal density

allowed by the technology. Implementing Vee plane in M1 eases the connec-

tion to the substrate. To isolate the clock distribution network from the power

supply planes, the ground plane of the clock tree is implemented in M3.
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Figure 4.4: Simplified layout of a part of the equalizer core in Fig. 4.1 containing
FF_1-4, LT_1-4, and MUX_1-4.
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Figure 4.5: Simplified layout of the feedback at the end of the odd channel.

4. To avoid distributed millimeter wave effects, the layout of the equalizer core

is made to have a very compact width, as shown in Fig. 4.4. In addition to

that, the two front-end comparators of the even and odd channel, in this case,

sample the incoming bit at almost the same instance.

5. The inductive peaking in the front-end comparators is realized with small seg-

ments of transmission lines in the uppermost metal layer TM2 (Sec. 3.1). These

segments are extended in the direction of data propagation to avoid increasing

the spacing between the front-end comparators in the direction perpendicular

to the data propagation. A chip photo showing them is found in Fig. 3.15. Also,

since the spacing and consequently the clock skew between the D-flip-flops is

dictated by the width of clock buffers layout, the layout of those buffers is made

very compact as well.

4.2 Measurement Techniques

For full characterization of the DFE in Fig. 4.1, a bit pattern generator capable of

producing PRBS at the full rate of Rb is necessary. Also, a data signal emulator (DSE)
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is needed to generate electrical or optical data signal with different amounts of ISI

[56]. Both pieces of equipment were neither available in the department of high-

frequency electronics at the university of Paderborn nor at IHP, where the activities of

this work took place. Consequently, other strategies and measurement techniques for

testing the DFE had to be devised with the help of the available bit pattern generator

SHF 12100B and the bit error rate tester SHF 11100B, working up to 56 Gb/s. These

techniques, described in Sec. 4.2.1 and 4.2.2, provide a simple method to determine

the maximum operating bit rate of the DFE [7] [30].

The effectiveness of the measurement techniques presented in Sec. 4.2.1 and 4.2.2

is confirmed by experiments at the full rate of 80 Gb/s in Sec. 4.3 [7] [56], which were

performed at Bell Labs, Alcatel-Lucent, Holmdel, New Jersey, USA, in which the

above mentioned equipment for measurement at the full rate was available.

In addition to the bandwidth requirement for the front-end of the DFE discussed

in Sec. 3.1.1, the maximum operating bit rate of the DFE depends on the timing con-

ditions, discussed in Sec. 2.2.4 , regarding the combinational logic (MUX_1-4) and

the feedback loops (FF_5,6 and MUX_5,6).

The tests described in the following two sections provide a method to determine

the maximum bit rate (the smallest UI) for which these timing conditions are satisfied

and consequently determining the maximum bit rate of operation of the DFE.

4.2.1 Measuring the Maximum Operating Bit Rate of the Combina-

tional Logic

To determine the maximum bit rate for which the timing conditions through the com-

binational logic (MUX_1-4) are satisfied, a bit rate of Rb/2 is applied at the input and

the clock frequency in GHz also is equal to Rb/2. As shown in Fig. 4.6, Vref_odd, -Vref_odd

are given values to enforce the output of FF_3,4 to have logic ’1’,’0’, respectively, in-

dependent of the DFE input, while Vref_even,-Vref_even are connected to the ground to

allow the even channel to sample the input bit sequence. Here, as shown in Fig. 4.6,

MUX_1,2 will have their input lines I1,I0 toggling with the same bit rate as the input,
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Figure 4.6: Measuring the maximum operating bit rate of the combinational logic.

which is Rb/2, whereas their selection lines S do not. The opposite will happen with

MUX_3,4, which will have their selection lines toggling, whereas their input lines do

not. In Fig. 4.6, if the timing conditions for proper transmission of the data through

MUX_1-4 are satisfied, then the same bit sequence at the input will appear at the

outputs of FF_7-10. The feedback loops in this case will yield the same bit sequence

at the outputs of the odd and even channels.

In a full rate test, the input and selection lines of the multiplexers may all be

toggling, but not necessarily with the same bit sequence. Nevertheless in the half-

rate test described here, an observation of the same input bit sequence at the output

of the even and odd channels is a good indication of the combinational logic ability

to work at Rb/2, which is the same bit rate through the even and odd channels in

case of a full rate test with Rb at the input.

Furthermore, if the same bit sequence applied at the input is observed at the out-

puts of both the even and odd channels then the clock tree design satisfies the clock

skew conditions previously discussed in Sec. 2.2.4.
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This test, however, does not give a good indication of the maximum working

frequency of the feedback loops of the even and odd channels, because an identical

bit sequence appears at the two inputs I1,I0 of MUX_5,6. Therefore, the next section

describes another test for the feedback loops.

In measurement, a PRBS of length 231−1 is generated from the bit pattern genera-

tor with 200 mV single-ended logic. The BER is measured by the bit error rate tester.

An external phase shifter, namely Spectrum Elektronik LS-P150-HFHM, is used to

manually adjust the phase of the clock with respect to the input data. The clock sig-

nal in this case is taken also from the bit pattern generator, which provide a replica

from its clock input. Testing was performed on-wafer, as shown in Fig. 4.7a. The BER

was less than 10−13 from 25 to 45 Gb/s at the even and odd outputs, confirming the

wideband response of the clock tree described in Sec. 3.3. At 46 Gb/s errors start to

occur and the BER becomes 4× 10−11, as shown in Fig. 4.7b.

(a) (b)

Figure 4.7: (a) Measurement setup for the maximum operating bit rate of the combi-
national logic (b) Bit error rate.

At the time of the measurement, parasitic extraction became available in the de-

sign kit. To investigate the increase in the BER beyond 45 Gb/s, post-layout simu-

lation on the equalizer core of Fig. 4.6 was performed after RLC parasitic extraction

with Columbus-AMS R©. To take into account the effect of clock skew, the delay be-

tween the different outputs of the clock tree was modeled in the post-layout simula-
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Figure 4.8: The input bit sequence at 40 Gb/s used in the post-layout simulation of
the equalizer core.

tion by using simple ideal sinusoidal voltage sources at the different clock inputs of

the equalizer core. The phases of these ideal sources correspond to the phase infor-

mation extracted from the EM simulation of the clock tree using Momentum R©. The

simple bit sequence shown in Fig. 4.8 was used as the input in post-layout simula-

tions.

The same bit sequence was observed at the outputs of the even and odd channels

up to a bit rate of 44 Gb/s. Increasing the bit rate beyond 44 Gb/s led to some bit er-

rors at the outputs of the even and odd channels. This agrees with the measurement

results presented earlier in this section.

These bit errors occur since each of the output signals of FF_1-4: A(2m), B(2m),

A(2m + 1) and B(2m + 1) is connected to two input lines of the MUXs and to one

retiming latch at the selection lines of the MUXs, as shown in the simplified layout

in Fig. 4.4. This increased fan-out produced heavy loading at the outputs of FF_1-4,

as evident from the long rise and fall times in Fig. 4.9, where the timing waveforms

at three different bit rates, namely 40, 45 and 50 Gb/s, are depicted to assist in the

explanation.
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Figure 4.9: Post-layout simulation of the differential signal A(2m): (a) 40 Gb/s,
(b) 45 Gb/s, (c) 50 Gb/s.
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Figure 4.10: Post-layout simulation of the differential output of MUX_1: (a) 40 Gb/s,
(b) 45 Gb/s, (c) 50 Gb/s.



4.2 Measurement Techniques 93

Figure 4.11: Post-layout simulation of the differential signal at the output of FF_5:
(a) 40 Gb/s, (b) 45 Gb/s, (c) 50 Gb/s.
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Although MUX_1-4 are able to retrieve the signal shape at their outputs, as shown

in Fig. 4.10, still, the delay caused by this loading effect makes FF_7-10 sample the

outputs of MUX_1-4 at wrong time instants (i.e., violation of the setup time for FF_7-

10) and errors start to occur, as shown in Fig. 4.11, where the bit errors are marked.

This effect of fan-out was not taken into account in chapter 2 while analyzing the

different timing conditions of the different architectures.

4.2.2 Measuring the Maximum Operating Frequency of the Feed-

back Loop

The following test can be utilized to determine the maximum bit rate for which the

timing condition of the feedback loops is satisfied. In this test, as shown in Fig. 4.12,

Vref_even,-Vref_even are given values to enforce A(2m),B(2m) to have logic ’0’,’1’, re-

spectively, independent of the input, while Vref_odd,-Vref_odd are given values to force

A(2m+1),B(2m+1) to have logic ’1’,’0’, respectively. Since MUX_1-6 implement the

Boolean algebra relation:

Q = I1S + I0S (4.1)

it follows that f1(2m),f2(2m) will always have logic ’0’,’1’, respectively. Also f1(2m+

1),f2(2m + 1) will always have logic ’0’,’1’, respectively. The inputs of MUX_5,6 will

become I1=0,I0=1. According to Eqn. 4.1, MUX_5,6 act as logic inverters in the path

from the outputs of FF_5,6 to their inputs. Both feedback loops in this case act as

static frequency dividers. The maximum frequency at which these static frequency

divider-like loops work will be equal to the maximum bit rate, at which the feedback

loop works properly.

It should be noted here that the condition of oscillation, however, is never satis-

fied in normal operation of the DFE when Vref_even=Vref_odd=Vref. This stems from the

fact that it only makes sense to assume positive values for Vref, because a preceding

bit of ’1’ can only increase the level of the current bit to be decided and a preceding

bit of ’0’ can only decrease it [2].
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Figure 4.12: Measuring the maximum operating bit rate of maximum operating fre-
quency of the feedback loop.

As illustrated in Fig. 4.13, with positive values of Vref, it is impossible to obtain

A(m),A(2m+ 1)=1 and B(m),B(2m+ 1)=0, which is the condition of oscillation.

In the measurement, a continuous wave (CW) generator is used as the input

clock, and the output from the even or the odd channels is monitored by Agilent

E4448A spectrum analyzer. The test result indicates an operating range from 19 to

40 GHz, which further confirms the wideband response of the clock tree and the ac-

tive balun as described in Sec. 3.3. A 15 GHz signal was observed on the spectrum

analyzer without applying input clock, which is the output oscillation frequency of

the divider-like-operating feedback loop.

Using the test procedures outlined in this section, the post-layout simulation

yielded 39 GHz as the maximum clock frequency of the feedback loop and 15.5 GHz

for the output oscillation frequency. This agrees with the measurement results pre-

sented earlier.

Although the maximum operating bit rate of the combinational logic in Sec. 4.2.1
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Figure 4.13: Possible logic values for A and B from the front-end comparators for
different analog input.

is 45 Gb/s, the DFE as a whole can work only up to 80 Gb/s due to the operating

frequency limitation of the feedback loops.

It is useful here to mention that the same test described in this section for the feed-

back loop can also be applied to the look-ahead architecture described in Sec. 2.2.2 to

check the maximum operating frequency of its feedback loop.

4.3 Measurement at the Full Bit Rate

To facilitate measurements at the full rate of Rb=80 Gb/s at Bell Labs, Alcatel-Lucent,

a mounting board was designed to provide Vee, Vcc, Vref_odd and Vref_even to the DFE via

wire bonds, while the data input, clock and even and odd outputs were accessed by

on-wafer 67 GHz probes with GSGSG configuration. The board was laminated on a

0.8 mm thick copper plate to improve heat dissipation. The chip was attached to the
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copper plate with a heat conducting glue.

In this measurement setup, Vref=Vref_odd=Vref_even. The DSE generates electrical or

optical data signal with different amounts of ISI [56]. The outputs from the even

and odd channels are 1:4 demultiplexed with SHF 423 demultiplexers and the BER

is measured at 10 Gb/s.

A tunable phase shifter electronically controls the phase difference between the

clock and the data at the input of the DFE. The software LabVIEW is employed to

vary Vref and the phase difference between the clock and the data at the input of the

DFE in 5 mV and 0.5 ps steps, respectively. This allows the changing of the sampling

threshold Vref and sampling time instant of the D-flip-flops at the front-end of the

DFE across the received eye-diagram, hence the evaluation of the ISI effect on BER

as a function of both. The sampling time offset, Vref, and BER are plotted as con-

tour maps, which are plots showing the BER in different colors as a function of the

sampling time instant offset from the optimum sampling time at the center of the

eye-diagram on the x axis and Vref on the y-axis. In the BER contour maps, the case

where the feedback in the DFE is not active corresponds to Vref=0, which indicates

that the DFE front-end is only sampling the current bit in the input sequence without

any feedback effect from the previous bit. Several experiments have been carried out

to explore the ability of the DFE to equalize different kinds of optically and electri-

cally generated ISI. Only two of them are presented here and the reader is referred

to [56] for more details about the measurement setup as well as more experiments.

In the first experiment, which setup is shown in Fig. 4.14, two identical 40 Gb/s

PRBS sequences of length 215 − 1 are generated from a bit pattern generator on the

transmitter side. One sequence is delayed by several bit duration at 40 Gb/s with re-

spect to the other before multiplexing them into an 80 Gb/s stream using MICRAM

MX2180 2:1 multiplexer. Fig. 4.15a shows the eye diagram at the output of the multi-

plexer, when its output is adjusted at the lowest output amplitude. Fig. 4.15b shows

the BER contour map, when connecting the output of the multiplexer to the DFE.

Here, the center part of the BER contour map shows very marginal improvement
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with feedback, indicating low ISI in the received signal at the input of the DFE, which

is expected from the eye diagram in Fig. 4.15a. A DSE consisting of a low-pass filter

Figure 4.14: Measurement setup for testing the DFE at 80 Gb/s.

(a) (b)

Figure 4.15: (a) The 80 Gb/s single-ended eye-diagram at the input of DFE without
distortion (30mV/div and 5ps/div) (b) The corresponding BER versus
Vref.

with a 3 dB bandwidth of 20 GHz from Picosecond Pulse Labs is then employed to

introduce ISI. Fig. 4.16 shows the measured S21 of this filter. The insertion loss at the

Nyquist rate (40 GHz for the 80 Gb/s) is 12 dB.

Because of the ISI it introduces, the filter causes heavy distortion to the signal at

the input of the DFE, as shown in Fig.4.17a. The differential output from the DSE is

connected to the DFE using low-dispersion cables. The DFE improved the BER from
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Figure 4.16: The measured S21 of the 20 GHz low-pass filter.

(a) (b)

Figure 4.17: (a) The distorted single-ended eye-diagram at the output of the 20 GHz
low-pass filter (50mV/div and 5ps/div) (b) The corresponding BER con-
tour map.

0.5, when Vref=0, to less than 10−9 when the feedback is active (i.e., Vref >0), as shown

in the BER contour map in Fig. 4.17b.

Fig. 4.18a shows the BER versus Vref at sampling time offset=0 in the BER contour

map of Fig. 4.17b. Fig. 4.18a can be thought of as a vertical slice of the BER contour

map of Fig. 4.17b at sampling time offset=0. The BER, however, is not limited to 10−9,

but since it is measured at 10 Gb/s, obtaining lower BER to construct the contour

maps was unpractical, as it requires long measurement times.

The eye-diagram of the 40 Gb/s output of the DFE is shown in Fig. 4.18b.
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(a) (b)

Figure 4.18: (a) The BER versus Vref at the optimum sampling time in the BER contour
map (b) The single-ended 40 Gb/s output eye-diagram from the DFE
(35mV/div and 10ps/div).

In the second experiment, an SMA elbow was employed as a DSE. Fig. 4.19 shows

the measured S21 of this elbow. Its 3 dB bandwidth is around 41 GHz.

Fig. 4.20a shows the resulting distorted eye-diagram at the output of the SMA el-

bow. The ISI here happens not only because of bandwidth limitation but also because

of the modal distortion, as the SMA elbow is only specified to work until 18 GHz.

Fig. 4.20b shows the resulting BER contour map.

Figure 4.19: The measured S21 of an SMA elbow.

In the above experiments, all the 10 Gb/s outputs showed similar BER perfor-

mance.
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The experiments at the full data rate in this section validate the on-wafer measure-

ment techniques presented earlier in Sec. 4.2.1 and 4.2.2 for predicting the maximum

operating bit rate of the DFE.

(a) (b)

Figure 4.20: (a) The distorted single-ended eye-diagram at the output of the SMA el-
bow (50mV/div and 5ps/div) (b) The corresponding BER contour map.

4.4 Design and On-wafer Measurement of a 110 Gb/s

DFE

To carry the operating bit rate of the DFE above 80 Gb/s, an improvement on the

80 Gb/s DFE architecture is introduced in this section and is shown in Fig. 4.21. To

overcome the two speed limiting factors of the combinational logic and the feedback

loop, the following modifications have been carried out:

1. The outputs from FF_1-4 in Fig. 4.21 are connected through buffering latches

LT_5-8 and short interconnects to the input lines of MUX_1-4. The loading

effect on FF_1-4 is reduced compared to that in Fig. 4.1, as each output is con-

nected to only one latch and one D-flip-flop. To maintain the synchronization

between the input and selection lines of MUX_1-4, additional latches (the slave

latches in FF_11-14) had to be inserted. Furthermore, the long interconnects
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Figure 4.21: The architecture of the 110 Gb/s DFE.

from FF_1-4 to LT_5-8 are implemented in TM2 to reduce their parasitic ca-

pacitance to the substrate, hence further reducing the load on the outputs of

FF_1-4.

The effect of load reduction is evident when comparing the rise and fall time at

50 Gb/s of the post-layout simulation in Fig. 4.22a of the improved design with

Fig. 4.9c of the 80 Gb/s DFE for the same input sequence in Fig. 4.8. In contrast

to the 80 Gb/s DFE, where bit errors occurred at 50 Gb/s in Fig. 4.11c, no bit

errors occur at the same bit rate for the 110 Gb/s DFE, as shown in Fig. 4.22b.

When performing the test of the combinational logic in Sec. 4.2.1 in post-layout

simulation, the improved DFE worked up to 59 Gb/s, contrary to only 44 Gb/s

in the case of the 80 Gb/s DFE.

2. To increase the maximum clock frequency at which the feedback loop can work,

the improved design of D-flip-flops presented in Sec. 3.2.2, on which the 100 GHz

static frequency divider is based, was employed for FF_5,6. When performing

the test of the feedback loop in Sec. 4.2.2, the maximum frequency of operation

of the feedback loop increased to 57 GHz in post layout simulations, compared
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Figure 4.22: Post-layout simulation at 50 Gb/s DFE of the improved architecture:
(a) the differential signal A(2m), (b) the differential signal at the output
of FF_7.

to 39 GHz for the 80 Gb/s DFE. The output oscillation frequency of the feed-

back loop also increased to 22.5 GHz in post-layout simulation, compared to

15.5 GHz for the 80 Gb/s DFE.

The improved version of the DFE was designed, fabricated and measured. The chip

photo is shown in Fig. 4.23. It works from two DC power supplies Vcc=1.5 V and

Vee=-3.5 V and draws 1.15 A of current.
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Figure 4.23: Chip photo of the 110 Gb/s DFE.

The same measurement techniques described in section 4.2.1 and 4.2.2 were uti-

lized for on-wafer measurement.

In the combinational logic test, the BER was less than 10−13 up to 55 Gb/s for

single-ended input logic swing of 250 mV at the DFE input. However, when the

bit rate was increased to 56 Gb/s errors began to occur and the measured BER was

4.1×10−13 over a time period of 7 minutes. This agrees with the post-layout simula-

tions presented earlier.

The test of the maximum operating frequency of the feedback loop yielded 57

and 21.2 GHz for the maximum frequency of operation of the feedback loop and

its output oscillation frequency, respectively. This also agrees with the post-layout

simulations.

The maximum bit rate of the improved version of the DFE is, however, 110 Gb/s,

due to the limitation of the combinational logic speed to 55 Gb/s.
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Because of the even higher power dissipation of the 110 Gb/s DFE in compari-

son to the 80 Gb/s DFE, mounting the 110 Gb/s DFE on a board similar to the one

described in Sec. 4.3 proved not to be enough to dissipate the heat, even though

the wafer thickness of the 110 Gb/s DFE was 200µm in comparison to 370µm for the

80 Gb/s DFE. Consequently, board-level measurement at the full rate with Rb=110 Gb/s,

similar to Sec. 4.3, was not possible. The extreme high temperature, caused by the

power dissipation of the 110 Gb/s DFE and the insufficient heat dissipation of the

0.8 mm thick copper plate, is evident when comparing the two infrared pictures of

the 110 Gb/s DFE in Fig. 4.24 and 4.25. The first infrared picture (Fig. 4.24) shows the

temperature on the upper surface of the 110 Gb/s DFE in on-wafer measurement,

where adequate heat dissipation is provided by the 750µm-thick wafer before thin-

ning. In this case the maximum temperature is 71.37◦ C. The second infrared picture

(Fig. 4.25) shows the temperature on the upper surface of the 110 Gb/s DFE, when

mounted on the 0.8 mm thick copper plate with the heat conducting glue. In this case

the maximum temperature reaches 232.8◦ C.

Figure 4.24: Infrared picture of the 110 Gb/s DFE measured on-wafer (rotated by
90◦with respect to Fig. 4.23).
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Figure 4.25: Infrared picture of the 110 Gb/s DFE measured on-board.

4.5 Comparison with State of the Art in DFEs

Table 4.1 presents a comparison of the 80 and 110 Gb/s DFEs, in this work with the

state of the art in DFEs. The 80 and 110 Gb/s DFE presented here are the fastest

among all other DFEs. They, however, dissipate the maximum power. This is mainly

because the attention in this work was on the speed, rather than the power dissipa-

tion.

In general, the high power dissipation is due to the bipolar implementation of the

architecture presented in this work in Sec. 2.2.4. However, the presented architecture

lends itself well to other technologies, like CMOS, in which lower supply voltage can

be used and eventually lower power dissipation can be obtained.

Fig. 4.26 shows the power dissipation breakdown of the 80 and 110 Gb/s DFEs.

As evident from the pie chart, the power dissipation of the clock buffers together

with the active balun constitutes more than 55% of the total power dissipation in
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both versions of the DFE. However, the use of these clock buffers was necessary to

compensate the loss in the clock tree, as discussed in Sec. 3.3.

Ref. Bit rate Architecture Technology Area Power mW/Gb/s
(Gb/s) (mm2) dissipation

[57] 66 DFL 65nm CMOS 1.44 46 mW 0.7
3-taps

[32] 40 DFL 65nm CMOS 0.05 45 mW 1.125

[20] 40 Look-ahead 0.18µm SiGe 1.5 0.76 W 19
Sec. 2.2.2 BiCMOS

This work 80 Half-rate 0.13µm SiGe 2 4 W 50
parallel look-ahead BiCMOS

Sec. 2.2.4
This work 110 Half-rate 0.13µm SiGe 2.56 5.75 W 52.3

parallel look-ahead BiCMOS
Sec. 2.2.4 & 4.4

Table 4.1: State of the art in DFEs for 40 Gb/s and above. Except stated, the DFE uses
1-tap.

(a) (b)

Figure 4.26: Power dissipation breakdown for the (a) 80 Gb/s and (b) 110 Gb/s DFE.





Chapter 5

Conclusion and Outlook

As emphasized in the introduction to this work, the emergence of bandwidth-hungry

Internet services, like cloud computing, audio and video streaming and video web

conferencing, has been a driving force for an ever-increasing demand on links with

high bit rates. To cope with this demand, communication systems employ optical

fibers due to their inherent high bandwidth. Unfortunately, different kinds of dis-

persions in optical fiber result in intersymbol interference, which in turn limits the

utilized bandwidth of the optical fibers. Here, equalizers present themselves as a

good solution to combat ISI and consequently better utilize the bandwidth of the

already installed optical fiber links. Equalizers, however, are not only employed

in optical fiber communication systems but also in chip-to-chip and board-to-board

communication systems to compensate for the ISI impacting the signals as they travel

along the dispersive traces of printed circuit boards and bandwidth-limited electrical

cables.

The goal of this dissertation was the design and characterization of a 1-tap de-

cision feedback equalizer for 100 Gb/s communication systems. Firstly, a rigorous

analysis was carried out as to which decision feedback architecture is more suitable

for this high bit rate. The different architectures have been compared in terms of

complexity and timing conditions. Thereupon, an architecture was selected and fur-

ther modifications were proposed on it to improve its timing behavior.
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For the implementation of the circuits, IHP SG13S 0.13µm BiCMOS SiGe:C tech-

nology was chosen, because of its high fT /fmax and low ring oscillator gate delay.

The circuit design and characterization of the different building blocks, which the

architecture comprises, were explained in detail. These building blocks include the

DFE front-end, D-flip-flops, clock tree and active balun. Different bandwidth en-

hancement techniques have been described and applied in the design of the DFE

front-end with small signal voltage gain and 3 dB bandwidth of 2 dB and 71 GHz,

respectively. A static frequency divider with maximum frequency of operation of

100 GHz has also been designed and measured to demonstrate the ability of the D-

flip-flops to work at such high bit rate and clock frequency. In addition to that, the de-

sign of a broadband clock tree comprising coupled microstrip transmission lines and

supporting clock frequencies 20-70 GHz has been expounded. Likewise, the design

and measurement of a broadband balun with operating frequency range 31-65 GHz,

matching the broadband operation of the clock tree, has been reported. The active

balun achieves magnitude and phase imbalance of 0.6 dB and 2.5o, respectively.

Next, the different aspects of integrating the aforementioned building blocks into

the DFE were explained. New on-wafer measurement techniques were devised to

determine the maximum operation bit rate of the DFE. The first version of the DFE

worked till 80 Gb/s. To demonstrate the effectiveness of the developed measurement

techniques, two on-board experiments at 80 Gb/s are described in which the DFE

was employed to mitigate the ISI resulting from bandwidth limitation by a 20 GHz

low pass filter as well as ISI resulting from modal distortion by an SMA elbow. In

both cases, the DFE enabled 80 Gb/s data transmission with 10-9 bit error rate.

Finally, the main bottlenecks limiting the operation of the first version to 80 Gb/s

were identified, whereupon, further improvements on the architecture were pro-

posed. The improved architecture was used in the design of a second version of

the DFE working till 110 Gb/s in on-wafer measurement. The increased power dis-

sipation of the second version, however, hindered its on-board measurement at the

full bit rate of 110 Gb/s.
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Although the DFEs designed through this work represent the state of the art in

terms of operational bit rate, they dissipate large amount of power. This is mainly

due to the bipolar implementation necessitating a 5 V supply. The architecture, how-

ever, developed through this work lends itself well to ultra deep submicron CMOS

technologies with typical gate lengths smaller than 0.1µm, which operate with power

supplies less than 1.2 V. Provided that these technologies are fast enough to sustain

the operation at such high bit rates, the decrease in power supply may lead to sub-

stantial decrease in the power dissipation of the DFE. Designing the DFE, however,

in such technologies requires careful study, as lower power supplies result in smaller

signal headroom, which may badly affect the signal integrity.

Another potential solution to reduce the large power dissipation of the DFEs is to

dispense altogether with the active balun and the clock buffers, which power dissi-

pation together constitutes more than 55% of the total power dissipation in the two

DFE designs. The active balun in this case could be replaced by a transmission line

based passive balun, like Marchand balun, or a transformer-based balun. In this case,

however, one has to dispense with the wideband operation of the clock tree and pro-

vide enough power at the clock input of the DFE to compensate the losses arising

from the clock tree.





Appendix A

Fabrication Technology

For implementation of the circuits in this work, IHP SG13S technology [58] [59] has

been used. SG13S is a 0.13 µm BiCMOS SiGe:C technology offering high-speed HBTs

with fT /fmax /BVCEO of 250 GHz/300 GHz/1.7 V and high-voltage HBTs with fT /fmax

/BVCEO of 45 GHz/120 GHz/3.7 V. Measured ring oscillator gate delay for this tech-

nology is 2.9 ps. Fig. A.1 shows the backend aluminum metal stack, which consists of

5 thin layers (M1-5) based on 130 nm rules and two thick layers (TM1 and TM2) with

thickness of 2 and 3 µm, for the implementation of high-quality factor passives. The

technology offers 130 nm gate length CMOS devices with thin and thick gate oxide

for 1.2 and 3.3 V core voltage, respectively. Table A.1 summarizes the parameters for

this technology.

Parameter high-speed HBT high-voltage HBT

AE 0.12×0.48µm2 0.18×1.02µm2

Peak fT 250 GHz 45 GHz
Peak fmax 300 GHz 120 GHz
BVCEO 1.7 V 3.7 V
BVCBO 5 V 15 V
β 900 600
1.2 V core NMOS Vth 0.49 V
1.2 V core PMOS Vth 0.42 V
MIM Capacitor 1.5 fF/µm2

P+ poly resistor 250 Ω/�
High poly resistor 1300 Ω/�

Table A.1: Summary of IHP SG13S technology parameters.
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Figure A.1: Metalization stack of IHP SG13S technology.



Appendix B

Deembedding

On-wafer standard calibration methods like short-open-load-thru (SOLT), Line-reflect-

reflect-match (LRRM) and thru-refelect-line (TRL) [60] [61] [62] shift the measure-

ment reference plane to the probe tip, as shown in Fig. B.1. However, it is often

required to further shift the reference plane to the device under test (DUT), overcom-

ing the effect of the error network (also called fixture) on the measurement results

of the DUT. This further shift of the reference plane is performed with the help of

deembedding techniques. Examples of this error network are the pads and the con-

necting lines from the pads to the DUT. Although full calibration using SOLT, LRRM

or TRL can also shift the reference plane to the DUT, it is not always possible for all

structures. Furthermore, deembedding techniques are preferred in this case because

they do not require the manufacturing of extra test chips with well-defined reference

standards [62].

Figure B.1: The error networks and the DUT.
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One of these deembeding techniques is the open-short technique [63]. This deem-

bedding technique is accurate only if the dimensions of the error network are very

small compared to the wavelength (≤ λ
20

) corresponding to the maximum frequency

of measurements. In this technique a model for the error network is assumed. The

model consists of parallel parasitics (for example, the pad capacitance) and series

parasitics (for example, the inductance and resistance of the connecting lines from

the pads to the DUT) [63]. An example is shown in Fig. B.2a, in which pads and

connecting lines are used to access the DUT. In this example, the measurement is

performed on-wafer using GS probe. Yp1, Yp2, Yp3 are the parallel parasitic impedances

and Zp1, Zp2, Zp3 are the series parasitic impedances, as shown in Fig. B.2b.

(a) DUT embedded in the fix-
ture

(b) Model of the fixture

Figure B.2: The embedded DUT in the fixture and the corresponding model.

Two extra structures are required in this technique: an open structures, in which

the DUT is simply removed (Fig. B.3a) and a short structure (Fig. B.4a), in which the

DUT is replaced by a short circuit to the ground plane. The lumped models of the

open and short structures are shown in Fig. B.3b and Fig. B.4b, respectively. The three

structures are measured with a VNA and then their S-parameters are converted to

Y-parameters [60]. The Y-parameters of the open, short, embedded (DUT+error net-

works) and the DUT structures are assumed to be Yopen, Yshort, Yembd and Ydut, respectively.

Since the series parasitic impedances, Zp1, Zp2, Zp3 are embedded into the parallel

parasitic impedances Yp1, Yp2, Yp3, as shown in Fig. B.4b, firstly, the effect of the parallel

parasitics impedances must be removed from Yshort by subtraction and then converted
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(a) The open structure (b) Model of the open structure

Figure B.3: The “open” structure and its corresponding model.

to Z-parameters




Zp1 + Zp3 Zp3

Zp3 Zp2 + Zp3



 = (Yshort − Yopen)
−1 (B.1)

A similar procedure is then performed on Yembd to remove the effect of the paral-

lel parasitics impedances. The resulting matrix is also converted to Z-parameters,

namely (Yembd − Yopen)
−1. The Z-parameters of DUT can then be found by subtracting

(Yshort − Yopen)
−1 from (Yembd − Yopen)

−1. If desired, the Z-parameters of the DUT can be

converted back to S-parameters.

Zdut = (Yembd − Yopen)
−1 − (Yshort − Yopen)

−1 (B.2)

(a) the short structure (b) Model of the short structure

Figure B.4: The “short” structure and its corresponding model.





Appendix C

Small Signal Voltage Gain and

S-parameters

The following derivation was used to obtain an expression of the voltage gain, Av, as

a function of the S-parameters [64].

Figure C.1: The two port network.

The two-port netwrok depicted in Fig. C.1 is assumed to be embedded in a system

with source impedance, ZS and load impedance, ZL. The S-parameters of this two-

port network is assumed to be given by





b1

b2



 =





S11 S12

S21 S22









a1

a2



 (C.1)

where a1 and a2 are the incident power waves at port 1 and 2, respectively. b1 and

b2 are the reflected power waves at port 1 and 2, respectively. The input and output
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voltages, v1 and v2, respectively, can be written as

v1 =
√

Ro(a1 + b1) (C.2)

v2 =
√

Ro(a2 + b2) (C.3)

where Ro is the reference impedance of the S-parameters measurement system. The

voltage gain Av is given by

Av =
v2
v1

=
a2 + b2
a1 + b1

=
a2
a1

(

1 + Γ2

1 + Γ1

)

(C.4)

Where Γ1 =
b1
a1

and Γ2 =
b2
a2

are the reflection coefficients looking into port 1 and port

2, respectively. But from the S-parameters in Eqn. C.1, b2 = S21a1+S22a2, which leads

to
a2
a1

=
S21

Γ2 − S22

(C.5)

Substituting from Eqn. C.5 into Eqn. C.4, we obtain

Av =
S21

Γ2 − S22

(

1 + Γ2

1 + Γ1

)

(C.6)

To find the expression for Γ1 and Γ2 in terms of the S-parameters of the two port-

network and the load impedance, ZL, we note that since no signal energy is explicitly

applied at port 2 as an independent voltage or current source, the power wave, a2,

incident at port 2 of the linear network is necessarily equal to the energy reflected

back to port 2 by the load impedance ZL, that is, a2 = bL, as shown in Fig. C.1. Ad-

ditionally, all energy reflected at port 2 of the linear network is incident to the load

impedance ZL, thereby establishing the constraint, b2 = aL. It follows that port 2

reflection coefficient, Γ2, relates to the load reflection coefficient, ΓL, by the relation

Γ2 =
b2
a2

=
aL

bL

=
1

ΓL

(C.7)

It follows from Eqn. C.1 that b1 = S11a1+S12a2, which can be rewritten using Eqn. C.7
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as

b1 = S11a1 + ΓLS12aL (C.8)

Using Eqn. C.8, Γ1 =
b1
a1

can be written as:

Γ1 = S11 + ΓLS12
aL

a1
(C.9)

The ratio aL

a1
as a function of ΓL and the S-parameters can be found similarly by sub-

stituting Eqn. C.5 in the expression of b2 from the scaterring matrix in Eqn. C.1

b2 = aL = S21a1 + S22bL = S21a1 + ΓLS22aL ⇒ aL

a1
=

S21

1− ΓLS22

(C.10)

Now substituting from Eqn. C.10 into Eqn. C.9, an expression of Γ1 as a function of

ΓL and the S-parameters can be obtained as

Γ1 = S11 +
ΓLS12S21

1− ΓLS22

(C.11)

Using Eqn. C.11 and Eqn. C.7 to substitute for Γ1 and Γ2 in Eqn. C.6 will lead to the

required expression for Av as a function of the load impedance ZL (since ΓL =
ZL−Ro

ZL+Ro
)

and the S-parameters of the two-port network as follows

Av =
S21

1− ΓLS22

(

1 + ΓL

1 + Γ1

)

=
S21

1− ΓLS22

(

1 + ΓL

1 + S11 +
ΓLS12S21

1−ΓLS22

)

(C.12)

In case of high isolation between port 1 and 2 (S12 ≈ 0), the expression in Eqn. C.11

reduces to Γ1 = S11 and consequently also the expression in Eqn. C.12 reduces to:

Av =
S21

1− ΓLS22

(

1 + ΓL

1 + S11

)

(C.13)
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